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ABSTRACT

We study transmit power adaption and capacity-approaching coding/decoding in multiple-
input-multiple-output (MIMO) Rayleigh fading channels under the assumption that perfect
channel state information is known at both the transmitter and the receiver. The capac-
ity of MIMO systems with transmitter channel state information can be achieved via two
schemes: a multiple coding scheme with temporal and spatial water filling and a single
coding scheme with temporal and spatial water filling. The former requires an infinite
number of different codes and the latter requires inter-block coding and therefore a very
long code. We propose three different simple, but powerful, methods for transforming the
MIMO fading channel into a set of additive white noise Gaussian channels, to which stan-
dard codes for the Gaussian channel can then be applied. We show through a number of
examples that these methods can closely approach channel capacity. The code length of the
proposed multiple-coding scheme can be much shorter since it can adapt its rate to fading
conditions. Also the code length is determined solely by the length of codes chosen for the
AWGN channel(s), not the fading dynamics.

We study the applications of space-time block codes in DS-CDMA system. We
propose subspace-based blind decoders for the downlink which can blindly suppress the
multiple access interferences from other users and exploit the advantages provided by mul-
tiple antennas simultaneously. Our schemes can be used for quite a few existing space-time
block codes because we borrow the structure of linear dispersion codes. We also pro-
pose non-coherent blind decoders for the downlink of DS-CDMA system equipped with
multiple antennas. Our non-coherent blind decoders can suppress the multiple access in-
terferences and exploit diversity gain without knowing the channel state information either
at the base station or at the mobile station. Our simulations results show that the proposed

blind decoders significantly outperform the traditional method currently used.
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Chapter 1

Introduction

Wireless communication systems, which aim to allow people and machines to
communicate with each other almost at anytime and anywhere, have greatly blossomed in
last two decades. Nowadays, from wireless local networks for short range communications
to cellular mobile networks for wide coverage, a variety of wireless applications have been
successfully deployed. In return, this blossom and the rapid advance in technology explode
the demands for wireless multimedia communications and better quality of service. To
meet these demands, wireless communication systems continue to strive for higher data
rates and higher reliability. However, for wireless communications, this goal is particularly
challenging for several reasons. Firstly, the radio spectrum available for wireless services
is extremely scarce and therefore the design of future high-rate wireless communication
systems must be subject to the omnipresent bandwidth constraint. Secondly, increasing
transmission power is also an undesirable approach since it will reduce the battery life
of mobile unit and add interferences to other users. At last, very powerful coding and
modulation schemes are not always blessings in wireless communications due to their high
complexity.

A fundamental measure on reliable communication is channel capacity which
was introduced by Shannon in his pioneering work on information theory in the 1940’s.
Channel capacity basically sets the ultimate upper bound of transmission rate for error-
free communication. Since the spectrum is expensive and scarce, one needs to maximize

the rate within a given bandwidth, i.e., to maximize spectrum efficiency. Therefore in



this dissertation, we consider the channel capacity within unit bandwidth. For additive
white Gaussian noise(AWGN) channel, the channel capacity is given by the following well-

known expression

Q
C = log (1 + E) , (1.0.1)

where () denotes the transmit power and Ny denotes the noise power spectral density. In
conventional single transmit and single receive antenna narrowband wireless system, the
time-varying fading channel can be characterized by a channel coefficient 7. Assume the
channel is ergodic and the channel coefficient 7 is known to receiver, the capacity in this

case can be written as

Cc = &, [log (1+%90)] (1.0.2)

where &,(.) denotes the expectation operation with respect to random variable 7. While
the channel capacity can be improved by knowing the channel coefficient # at the trans-
mitter, the improvement is negligible for most practical fading models [1]. Notice that for
both AWGN channel and conventional narrowband fading channel, the channel capacity is
limited by the transmit power. Therefore to achieve higher rate in bandwidth-limited and
power-limited systems seems not just challenging, but impossible.

In recent years, systems equipped with multiple transmit antennas and receive
antennas, which can be naturally modelled as a multiple-input-multiple-output (MIMO)
channel, have been shown as breakthroughs in bandwidth-limited and power-limited wire-
less communications. In fact, the pioneer works by Foschini and Telatar [2] [3] shown that
the capacity of a MIMO channel grows linearly with the minimum of transmit and receive
antennas provided the environment is rich scattering and the channels can be well estimated
at the receiver. The prophecy of the high capacity of MIMO channels, also known as spatial
multiplexing gain, ignited huge research interest in developing efficient schemes to exploit
this available high capacity, such as Bell Labs layered space-time (BLAST) architectures

[4] and orthogonal spatio-temporal vector coding techniques {5].

Another challenge of reliable wireless communications is the issue of fading,
which arises due to the existence of multiple paths between the transmitter and the re-

ceiver. For narrowband signals, a wireless link can be generally modelled as a Rayleigh
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or a Rician fading channel if the doppler shift is not included [6]. Fading decreases the
reliability of wireless communications unless some less-faded replica of the transmitted
signal is provided to the receiver. This resource is called diversity. Time diversity and
frequency diversity techniques have been already employed to combat fading for decades.
However, these two diversity techniques can not be always available. For example, in slow
fading channels, time diversity is not an option for delay-sensitive applications because
time diversity is obtained by using channel coding and time interleaving. The efficiency
of frequency diversity is limited when the delay spread is small. Besides, both time di-
versity and frequency diversity are acquired with sacrificing of spectral efficiency. When
separated multiple antennas or different polarized antennas are employed at the transmit-
ter and/or the receiver, multiple independent fading channels can be created and therefore
diversity is obtained. This form of diversity is called as spatial diversity, which does not
have the drawbacks associated with the aforementioned two forms of diversities. In paral-
lel with research on exploiting high capacity of MIMO channels, how to utilize the spatial
diversity of MIMO channels has also been extensively studied. A variety of space-time di-
versity techniques have been proposed, such as diversity combining [7], beamforming [8]
and space-time coding [9] [10].

Most works on MIMO channels focus on designing schemes to maximize the
spatial multiplexing gain or diversity gain. Recent works by Tse and Zheng shown that
both gains can be simultaneously obtained but there exists a fundamental tradeoff between
them [12]. In fact, it is shown that maximizing one gain will inevitably sacrifice the other.
It is also realized that channel state information (CSI) plays an important role on exploiting
the diversity and/or multiplexing gain. Based on how much the amount of CSI that trans-
mitters and/or receivers have, MIMO systems can be classified into at least three cases:
CSI available at neither the transmitter nor the receiver, CSI available only at the receiver,
and CSI available both the transmitter and the receiver. For different cases, the achievable
performance of MIMO channels and the corresponding signaling designs can be greatly
different. For simplicity of future reference, we given the abbreviations on CSI in the fol-

lowing table.



Table 1.1: Table of some abbreviations.

CSI Channel State Information
CSIT Channel State Information at the Transmitter
CSIR Channel State Information at the Receiver
NCSI | Channel State Information neither at the Transmitter nor at the Receiver

1.1 Contributions of the Dissertation

The contributions of this dissertation lie in two aspects: first, we design a multiple
coding scheme for a point-to-point MIMO system which can closely approach the channel
capacity; second, we develop blind decoders for space-time block codes in downlink DS-
CDMA which can exploit the benefit of multiple antennas and efficiently suppress the
multiple access interference (MAI) from other users.

For a point-to-point MIMO fading system, when the instantaneous CSI is avail-
able to both the transmitter and the receiver, the optimal power adaptation is known as
the “water-filling” scheme if the MIMO system is subject to an average power constraint
[3, 23]. A multiplexed coding scheme corresponding to “water-filling” power adaptation
[25] can be applied to achieve the capacity. However, the multiplexed coding has high
complexity since it requires in principle an infinite number of codes, or at least a very
large number of codes, adapted to different SNR values, to implement the multiplexed cod-
ing and decoding. Biglieri et al. shown that the capacity of a MIMO system can also be
archived by using one code with “water-filling” power adaptation [27]. However, Biglieri’s
one code scheme needs a practical code operating on fading channels, therefore inter-block
coding is required and the code might be very long, especially when deep fading happens.
Therefore we focus on designing a more practical coding scheme to approach the capacity
of a MIMO fading system. By applying proper channel transformations, we proposed a
multiple coding scheme which can approach the capacity with a moderate coding/decoding
complexity. The main idea is to transform the MIMO fading system into a set of paral-
lel independent additive white Gaussian noise (AWGN) channels by exploiting the CSI at
both the transmitter and the receiver. Therefore the code length and delay is determined

solely by the length of codes chosen for the AWGN channel(s), not the fading dynamics.



We also shown that our proposed multiple coding scheme can achieve a very good tradeoff
between the coding complexity and the performance. Besides, due to our proposed channel
transformations, we show that capacity approaching practical coding designed for AWGN
channels can be directly applied in MIMO fading channels.

For a multi-user system equipped multiple antennas at each unit, we consider the
combination of existing MIMO space-time processing techniques and multi-user detection
techniques. We consider the decoding of space-time block codes in the downlink DS-
CDMA system. For the downlink transmission, since each mobile station typically has only
the knowledge of its own spreading sequence, suppression of multiple access interference
must be done blindly. Therefore blind joint decoders are studied. We firstly assume that the
CSI is perfectly known at the each mobile station, and proposed joint blind decoders for
a variety of space-time block codes by borrowing the structure of linear dispersion codes
[47]. We apply the sphere decoder to improve the performance of blind decoder for the non-
orthogonal space-time codes and propose a decimation-combining processing to reduce
the complexity. We demonstrate that the proposed blind decoders significantly outperform
the traditional method and decimation-combining processing can reduce the complexity
with very slight performance loss. Then we assume that the CSI is known to neither the
base station nor the mobile station and develop a non-coherent blind decoder by applying
differential space-time block codes. We present the required structure of differential space-
time block codes to suit the proposed blind non-coherent detection scheme and apply two
popular differential space-time block codes, unitary group codes [57] and orthogonal codes
[55][56]. We demonstrate that the proposed non-coherent blind decoders can approach
closely the performance of a single user system and significantly outweighs the traditional

method.

1.2 Organization of the Dissertation

The rest of the dissertation is organized as follows. Chapter 2 presents an overview
on MIMO fading channels. Channel models and basic concepts on MIMO fading channels

are introduced first. Then the recent advances on capacities of MIMO channels and transmi-



sion techniques under differential scenarios are briefly presented. In the end, a fundamental
tradeoff between spatial multiplexing gain and diversity gain is reviewed.

In Chapter 3, we propose a capacity-approaching multiple coding scheme for
MIMO uncorrelated fading channels with transmit CSI. We first build the system model
and point out that multiple eigen-beamforming can be used by exploiting the CSI at both
the transmitter and the receiver. Then we show that the marginal pdf’s of unordered and
ordered eigen-values of channel matrix can be obtained in closed-form. Using these pre-
liminary results on marginal pdf, we investigate the achievable capacities of different power
adaption and coding schemes. To reduce the complexity, we propose the truncated channel
inversion and apply it on beamforming, unordered multiple eigen-beamforming and or-
dered multiple eigen-beamforming. we demonstrate that the proposed schemes can trans-
form the MIMO fading channels into a set of independent AWGN channels and the sum
capacity achieved by these AWGN channels closely approach the capacity of MIMO fad-
ing channels. We discuss the advantages of our multiple coding scheme over other existing
coding schemes. In the end, we extend our schemes to correlated MIMO fading chan-
nels and evaluate the effect of correlation on the achievable rates of different transmission
schemes. We show that transmit CSI is more crucial in highly correlated MIMO systems
than in uncorrelated MIMO fading channels and beamforming combined with truncated
channel inversion can closely approach the capacity in highly correlated case.

In Chapter 4, we study the combination of blind multi-user detection and space-
time decoding in the downlink of a DS-CDMA system. We consider both the coherent
decoding and the non-coherent decoding. In the previous case, we first introduce the lin-
ear dispersion codes. Then we stack the received signal into a form which allows us to
implement the group-blind subspace detector. And we combine the sphere decoder for the
non-orthogonal space-time codes and propose the decimation-combining method to reduce
the complexity. in the last, we present a few simulation examples to demonstrate the perfor-
mance of the proposed blind decoders. In the latter case, we first introduce the differential
space-time block codes. Then we point out the required structure of differential space-time
block codes to allow blind decoding. At last, we proposed blind linear MMSE decoders in
Multi-Input-Single-Output (MISO) channels and MIMO channels respectively.

In Chapter 5, the conclusions are given.



1.3 Notations in the dissertation

The notation used in this dissertation is as follows. Bold letters denote matrices
or column vectors. The symbol (-)f denotes the operation of complex conjugate transpose
and the symbol (-)7 denotes the operation of transpose The matrix I p stands fora P x P
identity matrix, £(-) stands for expectation, and tr(-) stands for the trace of a matrix. | A|
stands for the determinant of a square matrix A and A* stands for the pseudo-inverse of a

matrix A. All operations of logarithm are base 2.



Chapter 2

MIMO Fading Channels: An Overview

2.1 MIMO Fading Channel Model

Although a significant variety of situations can be modelled as a communica-
tion through a MIMO channel, we are only interested in a MIMO channel that models a
wireless link equipped with multiple antennas at transmitter and/or receiver. Consider a
wireless link comprising /V, transmit antennas and /N, receive antennas. For a narrow-band
communication system, it can be assumed that there exists a frequency-flat fading channel
between each pair of transmit antenna and the ¢-th receive antenna. Thus the fading channel

gains can be described by a N,. x N; channel matrix H, denoted by

Hy, Hy, - Hyy,
H,, H2,2 e H2,N
H=[Hyg = o " 2.1.1)
L HNr,l HNT,2 Tt HNT,Nt |

where H; ; is the complex channel gain factor between the j-th transmit antenna and the
i-th receive antenna.

In a rich scattering environment with no line-of-sight (NLOS), the channel gains
H, ; are usually Rayleigh distributed. If all the transmit and receive antennas are separated
far enough, we can assume that all the channels vary independently. Such a MIMO channel

is referred to as an uncorrelated Rayleigh fading MIMO channel and each entry of channel



matrix H can be modelled as an independent identically distributed (i.i.d) complex circular
Gaussian random variable with zero-mean and unit variance. If there exists a LOS but still
in a rich scattering environment, the channels are referred to as Rician fading channels,
i.e., the channel gains H; ; can be modelled as complex circular Gaussian random variables
with non-zero mean.

When there are not enough scatters around the transmit and/or receive antennas
(non-richness scattering environment) or when antenna elements are spaced closely, chan-
nel correlations are arisen. The correlation due to the lack of scatters is referred to as spatial
correlation and the correlation introduced by nearness of antenna elements is referred to as
mutual coupling [13]. When there exist channel correlations, which can be arisen by spatial
correlation or mutual coupling or both, the channels are called correlated MIMO channels

and the channel matrix can be modelled as [14][15]
H = RYV*HR;”, (2.1.2)

where R, £ ’R,l,/ 2’11:[/ 2 denotes the receive correlation matrix, R, = ’R,t1 / 27'\’,;'/ ? denotes
the transmit correlation matrix, and H is generally modelled as a random matrix with
i.i.d entries. When channel correlations only exist at the transmitter side or at the receiver
side but not at both, the channels are referred to as semi-correlated MIMO channels and
the corresponding channel matrices are modelled as H = HR,> and H = R/*H

respectively.

2.2 Ergodic Capacity of MIMO Fading Channels

Since a fading channel is usually described by a random variable, the channel
capacity of the fading channel, which is a function of the given channel, should also be
“random”. Assume fading channels considered in this dissertation are all ergodic, we can
define two kinds of measurements on capacity of fading channels: Outage capacity and
Ergodic capacity. Outage capacity for a value of py is defined as the maximum data rate at
which outage probability is still below a target value py. Ergodic capacity is the mean of the
“random” capacity. In this chapter, we only present the major results on ergodic capacity
of MIMO fading channels.



2.2.1 Ergodic Capacity with NCSI

The capacity of a MIMO fading channel that CSI is unknown to both the trans-
mitter and the receiver is firstly addressed in [5] by Marzetta and Hochwald. They model
the channel as an uncorrelated Rayleigh fading MIMO channel and assume the channel is
block-static, i.e., the channel matrix H remains constant within 7" symbol intervals, then
changes to a new independent value for T other symbols, and so on. It is shown that ca-
pacity with NCSI is achieved when the T x NN, transmitted signal matrix is equal to the
product of two statistically independent matrices: a T x T isotropically distributed uni-
tary matrix times a certain T X N, random matrix that is diagonal, real, and nonnegative.
Marzetta and Hochwald also show that, for a fixed number of antennas, as the length of
the coherence interval increases, the capacity approaches the capacity obtained as if the
receiver knew the CSI. However, they proven that there is no point in making the number
of transmitter antennas greater than the length of the coherence interval: the capacity for
N¢ > T is equal to the capacity for N; = T. Marzetta and Hochwald point out that this
is somewhat disappointing since it severely limits the ultimate capacity of a rapidly fading
channel. For instance, in the extreme case where a fresh fade occurs every symbol period,
only one transmitter antenna can be usefully employed. Strictly speaking, one still could
increase capacity indefinitely by employing a very large number of receive antennas, but
the capacity only increases logarithmically in this number.

Although Marzetta and Hochwald calculate the bounds of MIMO capacity with
NCSI for quite a few non-trivial cases in [5], the general results on MIMO capacity with
NCSI is accredited to Zheng and Tse [16]. They shown that at high Signal-to-Noise-Ratio
(SNR) the capacity is achieved by using M* = min (N, Ny, |Z]) transmit antennas.
Therefore employing more transmit antennas than receive antennas provides no capacity
gain at high SNR, while employing more receive antennas does yield a capacity gain that
increases logarithmically in the number of receive antennas. Zheng and Tse also prove that
for each 3-dB SNR increase, the capacity gain is M*(1 — M?) It can be seen that for a
slowly fading channel, where coherent time interval T is quite large, the capacity gain is
about min(NV;, N,.) for each 3-db SNR increase. We will see later that this result is agree
with CSIR case.
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2.2.2 Ergodic Capacity with CSIR

Foschini [2] and Telatar {3] are the pioneers who considered the capacity of
MIMO channels. They show that the capacity of a point-to-point MIMO communication

system characterized by channel matrix in (2.1.1) can be written as
C = mané' [log|In, + HQH'|], 2.2.1)

where @ denotes the covariance matrix of the transmitted signal vector . Suppose the
transmit power constraint is (2, we have tr(Q) < Q. For uncorrelated Rayleigh fading
MIMO channels, when the CSI is only perfectly known at the receiver, Telatar gives the
following theorem on the MIMO capacity in [3].

Theorem 1 The capacity is achieved when x is a circularly symmetric complex Gaussian

with zero-mean and covariance '1%1 N, The capacity is given by

cC = & [log

In, + —Q—HHTH =& [Iog
N,

Q
Iy, + —HTHH . (2.2.2)
N

Furthermore, Foschini and Telatar show that the MIMO capacity with CSI grows linearly
with min( NV, N,), i.e., the capacity gain is min(N;, N,) for each 3-dB SNR increase. This
is a significant improvement over a single antenna system which achieves one bit capacity

gain for each 3-dB SNR increase.

2.2.3 Ergodic Capacity with CSIT and CSIR

When both transmitter and receiver have access to CSI, the transmitter can adjust
its power and rate depending on the instantaneous value of the observed CSI and therefore
higher capacity can be expected than the CSIR case. It is shown that the capacity with
CSIT and CSIR can be achieved by “space-time waterfilling” scheme and the capacity is
calculated by Jayaweera and Poor in [21, 22]. ! While the capacity gain of CSIT and
CSIR over CSIR is negligible if fewer antennas are employed at the transmitter than at

the receiver, the capacity gain is considerable if more fewer antennas are employed at

1After correspondence with the authors of [21, 22], it has been agreed that the numerical results presented
in {21, 22] are too optimistic with respect to the effect of CSI. The numerical results in this dissertation are
therefore different from those in [21, 22].
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the transmitter than at the receiver. Specifically, based on the fact that the achieved rate
of “constant power water-filling” approaches the capacity of “water-filling” [24], we can
show that in the latter case, the capacity gain is N, log(—f\—\;f:) at high SNR. We compare
the capacity with CSIT and CSIR to the capacity with CSIR in the (N, = 8, N, = 2)
and the (N; = 2, N, = 2) uncorrelated Rayleigh fading MIMO channels. The results are
shown in Figure 2.1. It can be seen that in the (N; = 2, N, = 2) case, having CSIT only
provides very slight capacity gain. However, in the (N; = 8, N, = 2) case, the capacity
gain is around 2 log(8/2) = 4 bits/Sec/Hz. In other words, in the (NV; = 8, N, = 2) case,
by knowing CSI at the transmitter, we can gain about 7-dB in the given SNR region. In

Chapter 3, we focus on designing a multiple coding scheme to exploit this capacity gain.

For {2, n) MIMO Rayleigh fading channels

25
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< (Nt=8,Nr=2) CSIT and CSIR
-£~ (Ni=8,Nr=2) CSIR
% (Nt=2,Nr=2) CSIT and CSIR
B~ (Nt=2,Nr=2) CSIR

20

C(Bits/Sec/Hz)
&

-
=]

Average SNR(dB)

Figure 2.1: Capacity with CSIT and CSIR V.S Capacity with CSIR.

2.3 Transmission Techniques for MIMO Fading Channels

According to the availability of CSI at the transmitter and/or at the receiver, a

variety of communication techniques have been proposed for efficient transmissions over
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MIMO fading channels. Most of proposed transmission techniques are designed to maxi-
mize the spatial multiplexing gain or diversity gain, although some efforts have been made
to achieve the tradeoff between two gains recently. Since the transmission techniques with
CSIT and CSIR will be well described in Chapter 3, we only briefly review the transmission

techniques when CSI is not available at the transmitter.

2.3.1 Space-time Coding

Space-time coding (STC) is proposed to exploit the gain provided by MIMO
fading channels with CSIR only. Most space-time codes are designed to combat fading
by introducing redundancy in the transmitted signal over both space and time. Space-time
coding schemes, which were first studied by Alamouti [9] and then generalized by Tarokh
et al. [10, 11], are essentially a joint design of coding, modulation, transmit and receive
diversity. There are two main types of space-time coding techniques: space-time trellis
coding (STTC) and space-time block coding (STBC).

A. Space-time Trellis Codes

A STTC codeword can be defined by an N; x T matrix, in which each column
is transmitted during one symbol interval by mapping it onto N, transmit antennas. Let
C =[c1,¢,+,cr]and E = [ey, €9, - - -, e7] be two distinct codewords, where ¢; and e;
are vectors with V; entries. Obviously, the optimal code design criterion should be based
on minimizing the average error probability. However, due to the difficulty of computing
average error probability, most current criteria are base on analysis on the pairwise error
probability (PEP), which is the probability that the maximum likelihood (ML) decoder
selects F as its estimate when in fact the codeword C' was transmitted. For an uncorrelated
Rayleigh fading MIMO channel, an upper bound of PEP has been derived in [10]. Define
A2 (C—E)(C—E)' and let r be the rank of matrix A, the upper bound can be expressed

as

r —rNr —rNy
P(C - E) < (H Aﬂ*) (S]YTR> , 23.1)
i=1
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where A; for ¢ = 1,2,.--,r are the eigenvalues of matrix A. Notice in the right hand
of inequality (2.3.1), r N, is the power of the SNR in the denominator and therefore r N,
is referred to as diversity gain. (H:zl A ’) is named as coding gain. The problem of
minimizing the upper bound on PEP is equivalent to maximize the diversity gain and the
coding gain. To obtain maximal diversity gain, one needs to maximize the minimum rank
r of the matrix A over all pairs of distinct codewords. To obtain maximal coding gain, one
needs to maximize the minimum determinant of the matrix A along the pairs of distinct
codewords with minimum rank. These two criteria are referred to as rank criterion and
determinant criterion respectively. Obviously, if the matrix A over all pairs of distinct
codewords is full rank, the maximum diversity gain is obtained.

The encoding for STTCs are similar to trellis coded modulation (TCM), except
that at the beginning and the end of each frame, the encoder is required to be in the zero
state. An example of STTC for N; = 2 transmit antennas and QPSK constellation is given
in Figure 2.2, where each row beside the trellis represents the edge labels for transitions
from the corresponding state. At each symbol interval, depending on the state of the en-
coder and the input bits, a transition branch is selected and the corresponding edge labels
are parallel transmitted along IV, transmit antennas. Since one QPSK symbol is transmitted
at each time interval, the bandwidth efficiency of the cade is 2bits/s/Hz. It can be checked

that the code has diversity gain of 2.

0 00 01 02 03
0
1 10 11 1213
] 3
2 20 21 22 23
2
3 30 31 32 33

Figure 2.2: Space-time trellis code, QPSK, 2bits/s/Hz for N, = 2.

Since the advent of STTC, there has been rapid progress in the field, targeted at

finding better codes with full diversity advantage and with greater coding advantage than
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original STTC presented in [10]. For example, a more accurate code design criteria by
using a tighter bound on PEP is derived in [18] and a few codes with better performance
are also presented. Hammons et al. propose a more structured method of code construction
that ensures full diversity in [19] and they introduce several new construction methods that

are quite general and open the door to more sophisticated and more powerful codes.

B. Space-time Block Codes

Although the ML decoder for STTC can be implemented using the Viterbi algo-
rithm, the decoding complexity of STTC still increases exponentially as a function of the
diversity level and transmission rate [10]. Most space-time block codes aim to exploit the
diversity gain and coding gain with a simple decoding. Among existing STBCs, Alamouti
code [9] is the most popular STBC and later it is generalized into orthogonal STBCs in
[11]. In this subsection, we only introduce the STBC with orthogonal design. More details
on other STBCs can be found in Chapter 4.

Let ¢; and ¢;;; be two continuous complex symbols, an Alamouti code can be

constructed as

C-= l G ~Gn J . (23.2)
Cit+1 ¢

At the i-th time interval, symbols c¢; and ¢;4; are transmitted simultaneously from antenna

I and antenna 2 respectively. At the (i + 1)-th time interval, signals —c},; and ¢} are

transmitted simultaneously from from antenna / and antenna 2 respectively. It is obvious

that the rate of Alamouti code is 1. Consider an (V; = 2, N, = 1) system, the received

signals at the i-th and the (i + 1)-th time intervals can be stacked as

i ¢ —c 2
[ ol = [Hl,l Hm] [ + } +[ ] 23.3)
Yi+1 —————— | Cit1 o Zi+1
tH
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where z; and 2,4, are independent AWGN noise with zero mean and unit variance. Let us

rewrite (2.3.3) as

, H H . 4
[ b ] - l L L2 ] l “l+ [ “ } . 2.3.4)
Vi H1*,2 —Hf,1 Cit1 Zi
SH
Since H'H = | H |21, where || - || stands for the Frobenius norm, H is referred to

as orthogonal matrix. Due to the orthogonality of H, the ML-decoding of ¢; and c;;
can decoupled, i.e., ¢; and ¢;¢; can be decoded independently. Therefore, only simple
linear processing is required to decode the Alamouti code. Alamouti code can be used
in a system with 2 transmit antennas and an arbitrary number of receive antennas, and it
provides a diversity gain of 2N, if N, receive antennas are equipped.

General constructions of orthogonal STBC for an arbitrary number of transmit
antennas have been studied in [11]. Similar to Alamouti code, all orthogonal STBCs
achieve maximum-likelihood decoding through linear processing at the receiver, and ex-
hibit maximum diversity. Although quite a few orthogonal STBCs with rate lower than
1 are proposed in [11], it is proven that Alamouti code is the only code with rate 1 for

complex orthogonal STBCs.

2.3.2 Differential Space-time Coding

Decoding of the aforementioned STTC or STBC requires CSI available at the
receiver. However, it is a very tough task to guarantee the accuracy of estimations of MIMO
channels without exhausting computation, especially when the number of antennas is large.

-Besides, in some situations, we may want to forego channel estimation in order to reduce
the cost and complexity of the handset, or perhaps fading conditions change so rapidly that
channel estimation is difficult or requires too many training symbols. Differential space-
time codes are designed to exploit the gain of MIMO channels without requiring the CSI
either at the transmitter or at the receiver.

Differential space-time coding can be regarded as a natural extension of differen-
tial modulation for single antenna systems to multiple-antenna systems. One type of differ-

ential STBC is called unitary STBC, in which the signals transmitted by different antennas
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are mutually orthogonal. It is proposed based on the information-theoretic arguments in
[5] [16]. The design criteria and performance analysis for unitary codes are derived in [53]
and a systematic construction of unitary codes is described in [54]. A general approach to
differential modulation for multiple transmit antennas based on group codes is proposed
by Hughes in [57]. A differential STBC for for two transmit antennas base on orthogonal
design is presented in [55] and later generalized for more transmit antennas in [56]. Like
orthogonal STBC, differential STBC can also be decoded with linear processions at the
receiver. The detail of encoding and decoding of differential STBC will be introduced in

Chapter 4.

2.4 Diversity-Multiplexing Tradeoff

As shown in previous two sections, an MIMO channel can support a high data
rate by improving the capacity and achieve a high reliability by providing diversity. In
other words, we can obtain two types of gain, say, spatial multiplexing gain and diversity
gain, from an MIMO channel. However, it is shown by Zheng and Tse in [12] that we can
not maximize these two types of gain simultaneously. In fact, Zheng and Tse show that
there is a fundamental tradeoff between two types of gain that any transmission scheme
can achieve. They also present the optimal tradeoff curve achievable for any scheme.

Let us first introduce the specific definitions of spatial multiplexing gain and di-
versity gain given in [12]. A scheme C(SN R) is said to achieve spatial multiplexing gain
r and diversity gain d if the data rate R(S N R) satisfies

R(SNR) _
| —10g SNR T, 24.1)
and the average error probability P, (SN R) satisfies
P.(SNR
g =d. 2.4.2)

SNESo log SNR :

Define d,(r) as the supremum of the diversity gain achieved by any scheme that achieves
spatial multiplexing gain r. In the case that coherent time T is larger than N, + N, — 1, the

optimal tradeoff curve is given in the following theorem [12].
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Theorem 2 Assume T > N; + N, — 1. The optimal tradeoff curve d,(r) is given by a
piecewise function connecting the points (r,d,(r)), where r = 0,1, - -, min (N, N,) and
do(r) = (Ny — 7)(N, — ).

From the above theorem, we can immediately see that the maximum of achievable spatial
multiplexing gain is 7,4, = min (N, N,) and the maximum of achievable diversity gain
i8 dynaz = N¢N,.. Obviously, if one scheme achieves the maximum of spatial multiplexing
gain, the achievable diversity gain for this scheme is 0, and vice versa. In general, for a
given MIMO channel, both gains can be obtained simultaneously. However, increasing one
comes at the price of sacrificing the other. The only way to increase both gains simultane-
ously is to increase the number of transmit antennas and receiver antennas.

Although most existed transmission schemes aim to maximize the spatial mul-
tiplexing gain or the diversity gain, a variety of efforts have been made to simultaneously
achieve low error probability and high rate. For example, a family of short structured space-
time block codes that achieves the optimal tradeoff for the (N; = 2, N, = 2) system with
minimum delay has been proposed in [17]. Linear dispersion code [47], which uses linear
combinations of basis matrices to build codebooks, also aims to improve the rate and keep

the low error probability.
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Chapter 3

Multiple Coding for MIMO Rayleigh
Fading Systems

3.1 Motivations

In chapter 2, we see that the capacity of a slowly changing block-static MIMO
channel increases linearly with the minimum between the numbers of transmit and receive
antennas provided the SNR is high. We also see that considerable capacity gain can be ob-
tained by knowing the CSI at the transmitter when the number of transmit antennas is larger
than the number of receive antennas, whereas the gain is limited when there are fewer trans-
mit than receive antennas. Designing of the capacity-achieving signaling/coding for MIMO
channels is closely related to how much the amount of channel state information (CSI) that
transmitters and/or receivers have. When the CSI is known neither at the transmitter nor at
the receiver, it is shown by by Marzetta and Hochwald in [5] that the capacity achieving
signal matrix can be written as S = ®V', where ® is an isotropically distributed unitary
matrix, and V is an independent real, nonnegative, diagonal matrix. However, a practical
coding scheme that can approach the capacity achieved by the random codes generated by
the product of two statistically independent matrices is still unknown. In [3], the capacity of
MIMO Rayleigh fading channels is calculated by assuming CSI at the receiver but no CSI
at the transmitter, and it is shown that capacity is achieved by a Gaussian random coding.

However, using a practical codes to approach this capacity is still a tough task because we
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need a code operates well in fading channels. If the ergodic fading channel considered is
changing reasonably slowly, the instantaneous CSI which is typically obtained by estimat-
ing unknown channel parameters at the receiver can be obtained at the transmitter through
a dedicated feedback channel. In this case, we can expect that it can potentially reduce
coding complexity considerably (cf. channel feedback in {23]). The aim of this chapter is
to develop coding schemes that can both exploit the increase in capacity and reduce coding
complexity.

When the instantaneous CSI is available to both the transmitter and the receiver,
the optimal power adaptation is known as the “water-filling” scheme if the MIMO system is
subject to an average power constraint [3, 22, 23]. It can be seen that a multiplexed coding
scheme with “water-filling” power adaptation [25] can be applied to achieve the capacity.
However, the multiplexed coding has high complexity since it requires in principle an in-
finite number of codes, or at least a very large number of codes, adapted to different SNR
values, to implement the multiplexed coding and decoding. This is still true for constant
power waterfilling though it simplifies the power adaption [24]. It has been shown that in
SISO system [26] and in MIMO system [27], capacity can in fact be achieved using a sin-
gle code with a kind of “water-filling” power adaptation. However, this code in principle
needs to span a whole ensemble of fading states, and the code length and decoding delay
therefore could be very long in particular in slow fading. In other words, to overcome deep
fades, the single coding scheme seems to require a very long code length to average fades
over a sufficiently large number of channel realizations. A scheme to reduce complexity is
the truncated channel inversion proposed in [25] (for SISO systems) [29] (for SIMO sys-
tems). With channel inversion, the fading channel is transformed into an AWGN channel,
and any code designed for the AWGN channel can be used. Also, in slow fading the length
of the code and coding delay can be chosen independently of the fading dynamics, only
taking into account the AWGN properties. However, this simplification comes at the cost
of capacity loss, which can be significant in particular when the scheme is generalized to
MIMO systems. In [30], a channel partition method is proposed to approach the capacity in
a SISO Rayleigh fading channel, allowing a tradeoff between complexity and performance.

However, the channel inversion is not introduced. Therefore the codes still operate on fad-
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ing channels and a relatively large number of partitions are required to closely approach
the capacity.

Designing practical codes to approach the capacity of AWGN channels is rela-
tively well researched. Capacity-approaching codes for AWGN channels have been already
found, such as low-density parity-check codes (LDPC) and turbo codes. For example, a
well-constructed rate 1/2 LDPC can approach 0.0045 dB away from the Shannon limit
of the binary-input AWGN channel[28]. So we make efforts to approach the capacity of
MIMO channels by taking advantage of the existed practical codes designed for AWGN
channels. We investigate truncated channel inversion and channel partition for MIMO
fading channels and propose simple schemes which achieve good tradeoff between cod-
ing/decoding complexity and capacity loss. The main idea is to transform the MIMO fading
system into a set of parallel independent additive white Gaussian noise (AWGN) channels
by exploiting the CSI at both the transmitter and the receiver. Therefore the code length
and delay is determined solely by the length of codes chosen for the AWGN channel(s), not
the fading dynamics. The focus of the paper is to develop simple, but powerful, methods
for system transformation, and not on finding optimum coding. Transforming channel into
a few sub-channels allows the use of a code of lower rate than that of the single code, better
adapted to deep fades. The justification for the methods is that they can closely approach

the channel capacity.

3.2 System Model with CSIT and CSIR

We consider a wireless link comprising NV; transmitter antennas and /V, receiver
antennas that operates in a frequency-flat Rayleigh fading environment. Suppose that there
is no correlations between any pair of channels, the channel can be modelled by the channel
matrix defined in (2.1.1), where H; ; is the complex channel gain factor between the j-th
transmit antenna and the i-th receive antenna and it is modelled as an independent identi-
cally distributed (i.i.d) complex circular Gaussian random variable with zero-mean and unit
variance. Furthermore, the channel is assumed to be block-static, i.e., the channel matrix

H remains constant within L symbol intervals, then changes to a new independent value
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for L other symbols, and so on. The received signal can be expressed as
y=Hzx+z, (3.2.1)

where y is a IV, x 1 vector of received signals, x is a IV; x 1 vector of transmitted signals,
and z is a N, X 1 vector of additive receiver noise values, which are independent, zero-
mean circular complex Gaussian random variables with unit variance. For future reference,
we define m = min (N, N,) and n = max (N, N,), and we refer to such a system as an
(n, m) MIMO system.

Let the singular value decomposition (SVD) of the channel matrix H be H =
UAY?V!, where U and V are unitary matrices and A is a diagonal matrix with non-
negative diagonal elements {\;, A, - - -, A, }. Since the CSI is known at both the transmit-
ter and the receiver, the transmitter can transmit @ = VQ%S, where s is the coded source
data with unit normalized power and @ determines the transmit power of each symbol. By
multiplying the received signal vector y of (3.2.1) with the hermitian of U and ignoring

entries beyond m (only m eigenvalues are nonzero), we obtain
§=U'y = UHVQis+U'z
VAL s1
Q :
vV Am Sm

where 2 = Uz is still a complex additive Gaussian noise vector with zero mean and

=

+ z, (3.2.2)

covariance matrix I,,. It is well-known that {\;, Az, -+, A\, } are the eigenvalues of a
Wishart matrix W, defined by

HH',  for N, <N,
w 2 / ’ (3.2.3)
H'H, for N,> N,.

The joint pdf of the unordered eigenvalues Ay, Ay, - - -, A, is given in [31]

fA(Al,/\z,~--,Am)=Kn,me(-2?ll*i)HAi"-m H (N — X2, (32.4)

i=1 1<i<j<n

where K, r, is defined by

Knm = ™ (325)




3.3 Marginal pdf of the Eigenvalues

In order to calculate capacities for the different MIMO signaling schemes, and
for use in optimization, the marginal pdf’s of the eigenvalues of the matrix W in (3.2.3)
are needed. In the following we will present explicit formulae both in the case when the

eigenvalues are ordered and when they are unordered.

3.3.1 Marginal pdf of the Unordered Eigenvalues

The marginal pdf of an unordered eigenvalue of the matrix W was given in [3],

and can be expressed as

_ —m m—1
e AN

| N
m —~ (4 _|_7i_m)! (L; ()\))2’ (3.3.1)
J:

V) =

n,m

where L~ () is the associated Laguerre polynomial of order j, which is defined as

n-m 1 m-n & —Ayn—m+j
L ()\):ﬁe)‘)\ d—}\j(e ANnmmHi) | (33.2)

We state explicit formulae for the (n,2) and (n, 3) MIMO systems (i.e., where the smaller

of N; and N, is 2 or 3) as important special cases

fiad) = KapeX"720(A,n,2), (3.3.3)
FEa(N) = KngeA"30(A,n,3), (3.3.4)
where

d(\n,2) = (n—2)%-2(n— 1)\ +n! (3.3.5)
®(A\n,3) = 2X*[(n—1)! = ((n—2)1)?]

+ 4N [(n—1)(n—2)! —nl]

+ 2X% [(n+ 1)1+ 2n!(n — 2)! = 3((n — 1)})?]

+ A [p(n—1)—=(n+1)(n—-2)Y]

+ 2[(n+1)(n—1)! = (n!)?]. (3.3.6)
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3.3.2 Marginal pdf of the Ordered Eigenvalues

We sort all the eigenvalues in non-increasing order and denote the k-th order
statistic of A1, Ag, -+, Ay, bY 7. In the following, we find the marginal pdf of 7. Notice
that the probability that two eigenvalues are equal is zero, and we can therefore discard this
case. Let 7 be defined by 7(A,7) = kif nx = A, i.e., if \; is the k-th largest eigenvalue.
Consider all A so that 7(A, 1) = k. That means that among the remaining m — 1 unordered

eigenvalues, £ — 1 are larger than A\; and m — k are smaller than ;. The k& — 1 larger

. m-—1 o
eigenvalues can be selected in L ) ways, and each of these combinations has the

same probability. We can then write

Pr(m, < n,mn(A,1) = k)

-1
= (7]:, )P’f‘()\lS’I’],)\z,...,)\k>)\1,)\k+1,...,>\m</\1,). (337)
-1

Notice that because of the symmetry of the unordered eigenvalues, Pr(n, < n,7(A,i) =
k) = Pr(n, < m,w(A,1) = k), 1 =2,...,m, and that these cases are mutually exclusive.

The cumulative density function (cdf) of #;, therefore is

Pr(ne, <n)

m—1
= m( f ] )P’l"()\lST},)\Q,‘..,Ak>)\1,/\k+1,...,)\m<)\1,). (338)

By applying the joint pdf of the unordered eigenvalues (3.2.4) and differentiating with

respect to 7, the marginal pdf of 7, can be obtained as

. m—1Y\ [® [ m [
n,m(n) =m e ‘.- fam Az, Am)dAa -+ - dAy.(3.3.9)
k—1 ) Jn n Jo 0
k‘_rl m—k

Notice that fx given in (3.2.4) is a linear combination of terms of the form A\i'e~*t \2e>z ..

The multi-dimensional integration in (3.3.9) can therefore be written as a sum of products

of integrals of the following form

moi

% —tym . -z I_
/x e HMdt = mle Zzl (3.3.10)

=0
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* —-tm . -z = Ii
/Oe tmdt = m! (l—e ZF) (3.3.11)

i=0
A closed-form expression of (3.3.9) can straightforwardly be obtained for any (7, m) MIMO
system. This is used to obtain the results in the following sections. However, for m large,

the expressions get very complex, so we will only list the case m = 2 here,

fﬁ,z(ﬂ)

n
2 [ fa(n da)dde
0
= 2Kn,2 (‘101(77’1” - 27771) - 24/91(71 -1,n-1, 771) + <p1(n —2,n, 771)) )

and

fia(n) = 2 / oOfA(n,/\z)d)\z
n

= 2K’n,2 (302("1’ n— 2; 772) - 2@2(” - 1a n— 17 772) + <p2(n - 2’ n, 772)) )

where

ki
011, k,n) = e k! (1 —e™" Z %) , (3.3.12)

=0
ko i
0a(l, k) = e~ 2k % (3.3.13)
=0

3.4 The Beamforming Case

Beamforming, which always transmits the signal along the direction correspond-
ing to the largest eigenvalue, has recently received considerable attention since it can max-
imize the received SNR and exploit the diversity gain of MIMO channels [32]. In [33], it is
shown that beamforming with proper power control can achieve significant average trans-
mit power saving compared to the systems with constant transmit power. Therefore we first
consider power adaption and coding/decoding for beamforming. Based on [26], splitting
the problem into power adaptation and coding does not introduce any capacity loss. With
the transmit power constraint €2, the system model for beamforming with power adaption

can therefore be written as

j = qg(m,Q)m s+ %, (3.4.1)
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where 7 is the largest eigenvalue defined in Section 3.3.2, 7 is a zero mean additive com-
plex Gaussian noise with unit variance, s is the transmitted symbols satisfying F[|s|*] = 1,
and q(ny, Q) denotes the power control function. The optimal power control scheme can be
obtained by solving the following optimization problem

C = max [ log(1+q(m,Q)m) fam(m)dm
4(171,9) m

s.t / q(m, Q)fi’m(nl)dm =Q, q(m,Q) >0, (3.4.2)
n

1

where f)(m) is the marginal p.d.f of the largest eigenvalue 7;. It can be shown that the
optimal power adaption is the “water-filling” method

&—1 > 176
q(m,Q) = % w =T (3.4.3)

0, m <1
where 7 is some cutoff value and can be obtained by solving the average power constraint
equation (3.4.2). In [25], a truncated channel inversion scheme was proposed as a sub-
optimal power adaption scheme. Since the truncated channel inversion scheme converts
the fading channel into one AWGN channel, it has a much lower coding complexity. How-
ever, the truncated channel inversion scheme suffers a large capacity penalty relative to the

optimal power adaption in some cases.

A

pdf
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Figure 3.1: The illustration of truncated partitioned channel inversion.

26



In order to obtain a tradeoff between coding/decoding complexity and capacity
loss, we applied a partitioned channel inversion scheme to convert the beamforming fading
channel into a few exclusive AWGN channels. It uses a finite number of codes to approxi-
mate the channel capacity instead of using only one code. The general partitioned channel
inversion scheme is illustrated in Fig. 3.1, where we first partition the value of channel gain
into two regions. The first region, from 0 to 7, ¢, is called the truncated region because no
signal will be transmitted if 7, falls into this region; the second region, which begins at 7, o,
is partitioned into N sub-regions, each of which can be regarded as a fading sub-channel;
it is referred to as the un-truncated region. Let p; be the average power allocated to the i-th
sub-channel. By applying channel inversion at the transmitter for each fading sub-channel,

we obtain the following power adaption scheme in the :-th sub-channel as

Pi
i, Q) = , (3.4.4)
4 (771 ) aim

where q; is a normalizing factor given by
M,i 1
w2 [ . (3.4.5)
Mm,i-1 'L
Substituting the power adaption scheme into (3.4.1), we obtain the following channel model

when 7, falls into the i-th sub-region

i Pis 3. (3.4.6)

a;
Obviously, the scheme converts the fading sub-channels into N AWGN sub-channels with
different SNR values. It is readily seen that these N AWGN sub-channels are independent,
and therefore only N codes are required to approach the capacity of the beamforming. The
problem left is to find the channel partition points 7;, ¢ = 0... N, and the power allocation
pi» © = 1...N. As will be seen below, the values p; can be found explicitly, given the
values 7, ;. However, searching the values 7, ; results in a multi-dimensional optimization
problem that can only be solved numerically. Instead, we suggest a heuristic solution. The
simplest possible solution is to divide the probability space (for 7; above cutoff) into /N
equal partitions. Although this is a simple solution it can be readily seen that for N — oo

it converges toward optimum water filling; and as we will see later, even for small NV it
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gives performance close to optimum. Let P; be the probability that 7; falls into the i-th

sub-region given by

M m Fom(m)dn
2 é/ 1 (m)dm = S In 2P, i=1,...,N. (47
m,i-1 ’ N

where we denote 7, n 2 oo for convenience. It is clear that if the cutoff value 7, o is
fixed, all the other partition positions 7, ; for¢ = 1,2,---, N — 1 are also fixed. Therefore
the multi-dimensional optimization problem can be avoided. The achievable capacity C,
of the beamforming with the proposed scheme can be obtained by solving the following

optimization problem
N
Pi
Ce = Pa, 1 1 - 5 3.4.8
max 3 s (14 2) ) 348

N
sty pi=Q, pi>0. (3.4.9)

=1
For a given set of 71,4 = 0,1,---, N — 1, this is a standard optimization problem and
can be solved by applying Lagrange multiplier and Kuhn-Tucker conditions [23]. It is
shown that the best power adaption scheme in this case can be acquired from the following

equations
N
pio=[Pn—al", D po=9Q, (3.4.10)
i=1

where [z]* = max{z, 0}, and p is some constant ("water filling level”) that is chosen so
that the power constraint (3.4.10) is satisfied. Solving the above equations and substituting
the solution of p; , into (3.4.8), the achievable capacity can be expressed as
N .
C. = maxR, Yy [log(l + PL")] . (3.4.11)
71,0 el a;
From Section 3.3.2, we notice that each term in f} () or % » m(71) can be written as
cie~Mmpt, where c; is some constant coefficient, c; is a positive scalar and [ is an integer

which is no less than —1. By applying the following identities

00 | L i
—com Al _ Cll' —cox (02.'11)
/z cie”Mphdny, = —cl2+1e 2 ;T [>0, (3.4.12)
/ e "~ dn = Eq(z), (3.4.13)
x
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where FE;(z) is the exponential integral of order 1, it can be shown that P, and a; for
any (n,m) MIMO system can be expressed in closed-form. We demonstrate the results
explicitly for the (n,2) system. The integral of ¢:(l,k,7n) defined in (3.3.12) for I >
—1,k > 0 can be found to be

951(l,]€,1') é / wl(l’k)n)dn

= kltle™ ZJ 0 — k! Ez_o zT(zélTTe—Qz Eltlo (2;')] ) Z(:?4 14)
K\ Ey(x) — k!E1(2:r) — k! Zi:l (’mlz)' -2z 21_10 (2;)1’ )
Then P, and a; can be expressed as
P(m 0)
Py = —=, 3.4.15
m (3.4.15)
ai = A(nri-1) — A(my), (3.4.16)

respectively, where P(z) and A(z) are given by

A o0
Pa) & [ fham)n
= 2Kno[p1(n,n—2,2) = 2¢:(n—1L,n—1,2) + $1(n — 2,n,z]  (3.4.17)
a 71
A) 2 [T = )i
= 2Kn,2 [951(77' -1l,n— 2)'7:) - 2(151(77’ —-2,n—1, 33) + (151(” -3,n, 563]'418)
respectively. When 7, ¢ is given, n;; fori = 1,2,---, N — 1 can be obtained by recursively
solving
m,i 1
Po= [ fhm(m)dn = Plmay) - Pl (3.419)
m,i—-1

i.e., given 7y g, 71,1 is found, then with 7, ; found, 7; 2 can be found and so on. The achiev-
able capacity C, now can be numerically calculated by following the algorithm in Table I
We illustrate the achievable capacity C, with a few examples in Fig 3.2 and 3.3, and discuss
the results next.

Fig. 3.2 depicts the achievable capacity of beamforming with the proposed scheme
in SISO (1, 1) and SIMO (2, 1) Rayleigh fading channels. Truncated channel inversion
[25], which corresponds to the our scheme with NV = 1, has the smallest coding/decoding

complexity as it requires only one code designed for a AWGN channel. However, from the
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Table 3.1: Algorithm for numerically calculating C..

[Initial step]
1. Given N, set C, = 0.
. Choose initial value 7, o, step A, and terminate value 7).
. Compute P, using (3.4.15).
. Recursively solve n; ; for¢ = 1,2,---, N — 1 using (3.4.19).
. Compute a; fori = 1,2,..-, N — 1 using (3.4.16).
. Solve (3.4.10) to compute p; ,.
.Compute C = P, SN | [log(l + %’f)]
HC>Ce, Co=Cimo=mo+A.
I m o > 7, exit; Else go to 3.

© o0 3 O Uk WIN

figure it can be seen that it suffers a consequent capacity penalty, especiall); at high SNR.
By using two or three codes designed for AWGN channels, i.e. channel partitioning with
N = 2 or N = 3, the capacity penalty can be greatly decreased. Since both the transmitter
and the receiver know which code is used and all the sub-channels are exclusive, even if
more than one code can be applied, still only one pair of code/decoder is needed. It can
be seen that the sub-optimality introduced by equally partitioning of the un-truncated re-
gion is not significant, and as N — oo, this sub-optimality vanishes since it can be readily
argued that the capacity with equally truncated channel partitioning will converge towards
the optimal water-filling scheme asymptotically. It is more interesting that for even small
N the achievable capacity is very close to the optimum water-filling. Fig. 3.3 depicts the
achievable capacity of beamforming with channel partitioning in (2,2) and (4,4) MIMO
Rayleigh fading channels. It is worth mentioning that the capacity penalty of truncated
channel inversion (channel partitioning with N = 1) diminishes remarkably as the num-
ber of antennas increases. This observation extends the conclusion made on SIMO fading

channels with diversity-combining [29] to MIMO fading channels with beamforming.

3.5 The Multiple Eigen-Beamforming Case

If CS1 is available at both the transmitter and the receiver, (3.2.2) indicates that an

(n, m) MIMO fading channel can be decomposed into m parallel channels and these par-
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Beamforming in (n, 1) Rayleigh fading channels
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Figure 3.2: Capacity of beamforming in SISO and SIMO Rayleigh fading channels.

allel channels are characterized by an eigenvalue matrix A. When the SNR is high, instead
of just using the best channel among the m channels as in beamforming, multiple parallel
channels could be utilized to support high transmission rates. With an average transmit
power constraint, the transmit power also should be dynamically allocated according to the
instantaneous CSI. Consequently, the transmit power should be a function of A and the av-
erage power constraint ). Again, the power adaptation and coding can be separated without
introducing any capacity loss [27]. Therefore the multiple eigen-beamforming model with

power control can be modelled by
g = AYV?Q(A,Q)Y%s + Z, (3.5.1)

where s is the transmitted symbol satisfying E[s's] = 1, and Q(A, ) features the transmit
power control scheme. It is readily seen that Q(A, ) should be a diagonal matrix and

satisfy the following average power constraint

£ {tr[Q(A, Q)]} = Q. (3.5.2)
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Beamforming in MIMO Rayleigh fading channels
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Figure 3.3: Capacity of beamforming in MIMO Rayleigh fading channels.

It is shown in [21] that optimal power adaption in multiple eigen-beamforming technique
is still the “water-filling” method with

rox A=A

S
Qi = 0 ,
0, A<

(3.5.3)

where ) is a unique cutoff value for all eigenvalues and can be obtained by solving the

following average power constraint equation
/1 1\ ., Q
— _ MNdy = = 354
/,\(, ()\6 )\> n’m( ) m’ ( )
where f()) is the marginal pdf of the un-ordered eigenvalue for a (n, m) MIMO system.

The capacity with the optimal power control scheme is

C=m l%<%>ZMMM. (3.5.5)
X 0
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Again, there are two methods to achieve the capacity: multiple coding with optimal power
adaptation [25] and single coding with optimal power adaptation [27]. The former method
requires an infinite number of codes in principle and joint multiplexed coding/decoding
among m parallel channels. The latter method requires inter-block coding and therefore
might need quite long codes to compensate the fading, especially when deep fading ap-
pears. To obtain a better tradeoff, we propose a capacity approaching scheme that converts
the dependent fading parallel channels into independent AWGN parallel channels. It turns
out that the truncated channel inversion method is a straightforward method to achieve this

goal.

3.5.1 Unordered Multiple Eigen-Beamforming

Let us first consider applying the truncated channel partition among the m un-
ordered parallel channels defined by SVD. Notice that in unordered case all channels have
the same fading characteristic. Therefore each channel should be truncated and partitioned
in the same way, and the equal power should be allocated to each channel, namely Q/m.
We partition each truncated channel into N sub-channels as in Section 3.4. After channel
inversion on each sub-channel, if the value of k-th channel falls into the :-th sub-region,

the input-output relation can be expressed as

Uk = \/%Sk"'ik, (3.5.6)

where p; is the average power allocated to the i-th sub-channel and «; is defined as

A,
il
a2 / ~F4 (M)A, (3.5.7)
Ai-1 AT
where A; fori = 1,2,---, N — 1 stands for the i-th partition position, A is the truncated

value, and Ay is defined as Ay = oo. From (3.5.6), we can see that the /V sub-channels of
the k-th channel are exclusive and any sub-channel of the k-th channel is independent of
any sub-channel of the &’-th channel if k£ # £'. Thus, we convert the m dependent parallel
channels into independent parallel AWGN channels. The achievable capacity C, in this
case can now be found by solving the following optimization problem

N
- Pi
Ce—lglax mPaZ{log (1+ai>},

0,4 i=1

33



st sz — 20, (3:58)

where we define

A f)\o nm

As in Section 3.4, the optimal values of p; can be found given Ao, and we get the achievable

(3.5.9)

capacity as

N
_ plo
C. = max {mPa ;_1 [log o )] } (3.5.10)

Pio = mPa,U’ - az + ) sz,o =— 3.5.11)
=1

where p is a “water-filling level” chosen so that (3.5.11) is satisfied. With a similar argu-
ment as in Section 3.4, we can show that P, and a; can be expressed in closed form. We

will give the expressions for the (n, 2) system. Define

S
7 2 [* Ne™ > o g, 120
Yv(l,x) = / e "n'dn = : (3.5.12)
( ) T El(x), = —1,

and using f (A) derived in Section 3.3.1, we can write F, and q; in closed form as

~ Pu(o)
P, = Y (3.5.13)

respectively, where P, (x) and B(z) are given by

A

Pulz) & K [(n — 2)(n, Do) — 2(n — D(n — 1, o) + nlh(n — 2, on]3,5.15)
Kns [(n —W(n—1,z) — 2(n ~ 1)l(n — 2,2) + nl(n — 3, 2()5}5.16)

>

The achievable capacity of the unordered multiple eigen-beamforming with the proposed
scheme can therefore easily be found numerically by following the same procedure as in
Table I.

When N — oo it can be easily seen that truncated channel partitioning ap-
proaches channel capacity. What is more interesting is that we can come close to channel

capacity with even moderate NV, as the following numerical examples will show.
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In Fig. 3.4 and 3.5, we present the achievable capacities of the unordered mul-
tiple eigen-beamforming with channel partioning in MIMO Rayleigh fading channels. It
can be seen that there exists a considerable capacity penalty for simple truncated channel
inversion, especially at high SNR. Unlike the conclusion for beamforming, where the ca-
pacity penalty diminishes as the number of antennas increases, we notice that the capacity
penalty for (4,4) MIMO channels is actually bigger than the capacity penalties for (3, 3)
and (2,2) MIMO channels. However, from Fig. 3.4, we observe that the capacity penalty
in (n,2) MIMO channels decreases as n increases. Therefore in the unordered multiple
eigen-beamforming system, we can only say that the capacity penalty diminishes as the
maximum between the number of transmit and receive antennas increases while the mini-
mum between the number of transmit and receive antennas is fixed. It can be seen that the
capacity penalty can be greatly decreased by applying channel partitioning. For instance,

when N = 4, the capacity penalty becomes very small in all our examples.

For (2,n) MIMO Rayleigh fading channels

I

~ ~ (4,2) Optimal : : : 2
-6~ (4,2) Unordered: N=4 [ : : : 7
16 ~O~ (4,2) Unordered: N=2 | : : : : /4 N
-~ (4,2) Unordered: N=1 : : : :

—+~ (2,2) Optimal

—¥— (2,2) Unordered: N=4
~B~ (2,2) Unordered: N=2
—— (2,2) Unordered: N=1

C(Bits/Sec/Hz)

-5 0 5 10 15 20 25
Average SNR(dB)

Figure 3.4: Capacity of unordered multiple eigen-beamforing for (n,2) MIMO Rayleigh
fading channels.
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For (3,3) and (4,4) MIMO Rayleigh fading channeis
30
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Average SNR(dB)

Figure 3.5: Capacity of unordered multiple eigen-beamforing for (3, 3) and (4,4) MIMO
Rayleigh fading channels.

Although our heuristic solution that partitions channel according to equal proba-
bility already approaches very closely to the capacity by using a few codes, we still want
to know how far it from the optimal partition. Therefore we numerically calculated the rate
achieved by optimal partition for N = 2 in the (m = 2,n = 2) system and the results are
shown in Fig. 3.6. From Fig. 3.6, we can observe that the optimal method has negligible

gain over the heuristic method.

3.5.2 Ordered Multiple Eigen-Beamforming

The unordered multiple eigen-beamforming scheme emphasizes power control
and coding/decoding in fime, and it always needs m pairs of coder/decoders. In this sec-
tion, we consider the ordered channels which can provide more efficient power allocation
and coding/decoding in both time and space. We assume that the eigenvalues have been

ordered, and that the K (1 < K < m) best eigen-modes are used in the communication
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For (2,n) MIMO Rayleigh fading channels
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Figure 3.6: Comparison between the method with optimal partition and our heuristic parti-
tion method.

system. In this case only K pairs of coder/decoders are required. We still apply the trun-
cated channel partition on each ordered channel. Let p;; be the average power allocated
to the i-th sub-channel of the k-th channel, if the value of k-th channel falls into the i-th

sub-region, the input-output relation can be expressed as

G = s+ a4, (3.5.17)
Q.
where we define
A M,i 1
ari = / — £ (), (3.5.18)
Me,i-1

where f,’f,m(nk) is the marginal p.d.f of the k-th largest eigenvalue defined in Section 3.3.2,
ki fori =1,2,---, N — 1 stands for the i-th partition position of the k-th channel, 7 o is
the truncated value of the k-th channel, and g x is defined as A v £ oo. The sub-channels

resulting from the truncated channel partition are still independent AWGN channels. We

37



therefore get the following achievable capacity

C,= max ZZ{P;“log (1+ )} (3.5.19)

Mk,i—1sPk,i Eel =1

s.t. Zzpk,i =Q, pr; >0, (3.5.20)

k=1 i=1
where P ; denotes the probability that 7, falls into the sub-region between 7y ;-1 and 7y ;,

given as

A Nk i "

Py = / o (k) A (3.5.21)
Mk,i—1

Unfortunately, the optimization of (3.5.19) is a K N-dimensional optimization problem,

which can only be solved numerically. For simplicity, we consider a special case in which

we use the same cut-off value for all the channels, and then apply channel inversion (N =

1) to the region of each channel above this cutoff value. Let 1, denote the universal cut-off

value. The achievable capacity by ordered multiple eigen-beamforming is

c, = maxZ[Pkalog( ”(’;")}, (3.5.22)

o i

where a, and P , are given by

o 1 00
ak:/ af:,m(nk)dnk, Pk,az/ f:ym(nk)dnk, (3.5.23)

Mo ]

and py, , can be obtained by solving the following equations

K
Pro = [Prap—a]™, Y pro=0 (3.5.24)

Again, closed form expressions for P, and ay are obtainable for any MIMO system. For
the (n, 2) system, it is readily seen that P, , = P(n) and a; = A(rp) where P(z) and
A(z) are given in (3.4.17) and (3.4.18) respectively. To calculate P, , and a, we define

552(l7kam) = / 902(17k’77)d77

) - l x
{ k' EZ =0 Z|2ll-t1+1 2z Z]+1;:) 2‘7')], l Z 0
k'El (2.'13) + k' Zz 1 Z|2'L —21‘ ZZ—](-) (2;)], l=—

(3.5.25)

38



Noticing the similarity between the forms of £, , (1) and £, (1), we can still obtain P, , =
P(np) and ay = A(rp) through (3.4.17) and (3.4.18) respectively, except that we need to
replace @1 (1, k, z) with @o(l, k, z). The achievable capacity C. of ordered multiple eigen-
beamforming can be evaluated from (3.5.22) through a similar numerical search algorithm
as in Table 1. Notice that only 7, has to be optimized numerically, and it is therefore a
one-dimensional numerical optimization problem.

Fig. 3.7 and 3.8 illustrate the capacities achieved by ordered multiple eigen-
beamforming in MIMO Rayleigh fading channels. As expected, the more eigen-modes are
used, the higher the achievable capacities are, with the differences increasing with SNR
values. It is worth pointing out that the achievable capacity by the ordered multiple eigen-
beamforming (K = m) is clearly superior to that of beamforming, which corresponds to
the ordered multiple eigen-beamforming with K = 1. Itis shown that if K' < m, increasing
K provides significant improvement, and if K = m, the choice (N = 1) is sufficient to
closely approach the channel capacity. In that case, the influence of the suboptimality
introduced by simplified optimization is not noticeable. In Fig. 3.7, it is shown that the
capacity penalty diminishes as the maximum of the number of antenna increases while the

minimum of number of antennas is fixed.

3.5.3 Discussions

In Fig. 3.9, we compare the achievable capacity of the proposed schemes in
ordered and unordered multiple eigen-beamforming for (3, 3) and (4,4) MIMO systems.
We first compare the achievable capacity by truncated channel inversion. For the (3,3)
MIMO system, we observe that the ordered multiple eigen-beamforming (K = 2) attains
higher capacity than the unordered multiple eigen-beamforming (N = 1) if the SNR is
below 20dB. For the (4,4) MIMO system, the ordered multiple eigen-beamforming (K =
3) attains higher capacity than the unordered multiple eigen-beamforming (N = 1) in
the considered SNR region. Remember that unordered eigen-beamforming always uses
m parallel coders/decoders, while ordered eigen-beamforming uses K. Therefore for the
truncated channel inversion, the ordered case can use less number of coder/decoders than

unordered case but still achieve higher capacity in a certain SNR region.
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For {2,n} MIMO Rayleigh fading channels
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Figure 3.7: Capacity of ordered multiple eigen-beamforing for (n, 2) MIMO Rayleigh fad-
ing channels.

In Fig. 3.9, we also observe that both the unordered and ordered cases closely
approach the capacity when the same number (X = N = m) codes are used. However, for
the unordered case, the code selection among the NV candidates depends on the channel re-
alization, while for the ordered case, the same K codes are always used (unless the channel
is in outage). In the other words, for the unordered case, there are N candidate codes can be
used by each eigen-channel. Based on the channel realization, each eigen-channel selects
one code among these N candidate codes. For the ordered case, K ordered eigen-channel
are used and each ordered eigen-channel uses one fixed code.

In Fig. 3.10, we compare the capacities achieved by knowing the CSI at the
transmitter with the MIMO capacities in the case when the CSI is available only at the
receiver. It is shown that, for the case the CSI only available at receiver and N, < N,
only increasing the number of transmit antennas N; can not provide major capacity gain.

However, when the CSI is also known at the transmitter, only increasing the number of
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For (3,3) and (4,4) MIMO Rayleigh fading channels
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Figure 3.8: Capacity of ordered multiple eigen-beamforing for (3,3) and (4,4) MIMO
Rayleigh fading channels.

transmit antennas NV; can provide considerable capacity gain. It is also shown that our
proposed schemes allow to closely approach the capacity values.

The main advantage of the proposed schemes is that they can approach channel
capacity for MIMO systems with a moderate coding/decoding complexity. Beamforming
with channel partitioning requires only NV different codes, matched to /V different SNR val-
ues, where IV need be only in the order of 2 or 3. Unordered multiple eigen-beamforming
uses m coders/decoders in parallel, but these m coders use the same selection of IV codes,
i.e., also here only NV different codes are needed. Ordered multiple eigen-beamforming
uses K coders/decoders in parallel, and each coder/decoder uses a different code, so K
codes are used. Notice that in our multiple coding scheme, all channels have been con-
verted to Gaussian channels, and many code design methods for the Gaussian channel can
therefore be used to design practical coding schemes. Compared to the scheme using one

code with CSI-dependent power control [26, 27], our multiple-coding scheme has the fol-
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Comparison between Ordered and Unordered Multiple Eigen-Beamforming
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Figure 3.9: Comparison between ordered and unordered multiple eigen-beamforming for
(3,3) and (4, 4) MIMO Rayleigh fading channels.

lowing advantages. First, the coding problem of our scheme is coding on AWGN channel
while the coding problem in [26, 27] is still coding on fading channel. Coding on AWGN
channel is well researched and capacity-approaching practical coding methods already ex-
isted in AWGN channel. Also, it is shown that using linear binary codes in AWGN chan-
nel only introduces negligible loss compared to using random codes. Second, since our
multiple-coding scheme can adaptive the rates to the channel besides the power adaptation,
our scheme potentially need a shorter code than scheme in [26, 27], especially when deep
fading appears. By applying puncture, actually only one code (with different puncture)
can actually be used in our multiple-coding scheme and therefore the complexity does not
increase much. It is also worth to mentioning that our scheme can be coded in one block
while scheme in{26, 27] requires inter block coding. To the end, capacity-approaching

iteratively decodable codes seem particularly promising [34]-[37].
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For (2, n) MIMO Rayleigh fading channels
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Figure 3.10: Comparison with the capacity of CSI at receiver only in MIMO Rayleigh
fading channels.

3.6 Extended to Correlated MIMO Rayleigh Fading Sys-
tems

It is shown that the capacity of the uncorrelated MIMO Rayleigh fading channels
grows linearly with the minimum of transmit and receive antennas [2][3]. In many practical
situations, when there are not enough scatters around the transmit and/or receive antennas
(non-richness scattering environment) or when antenna elements are spaced closely, cor-
relations among the MIMO channels are introduced. As shown in Chapter 2, a correlated
MIMO channel can be modelled by the channel matrix in (2.1.2). The asymptotic growth
rate of capacity of certain correlated MIMO fading channels was studied in [38]. It is
shown that in the given patterns, the capacity of N x N correlated MIMO channels still
grows linearly with V as N — oo, even though it is smaller than the capacity of N x N

uncorrelated MIMO channels. However, Shiu ef al [14] showed that in other patterns, the
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capacity is very sensitive to the presence of correlations. In fact, they shown that the ca-
pacity of an N x N correlated MIMO system decreases and approaches the capacity of
a 1 x N single-input-multiple-output (SIMO) system. The impact of correlations on the
capacity of MIMO channels with finite number of antennas has been recently considered
in [39] [40]. In these papers, it is again demonstrated that the presence of correlations re-
sults in capacity loss. However, it is also demonstrated that the capacity loss is negligible
even with a correlation coefficient between two adjacent antennas as large as 0.5 for an
exponential correlation model.

We have shown that considerable capacity gain and reduced coding complexity
can be obtained by knowing CSIR and CSIT in uncorrelated MIMO Rayleigh fading chan-
nels. In [41], it is illustrated that the transmit side information plays an important part in
correlated MIMO channels. However, the exact results of the impact of correlations on
MIMO fading channels with transmit CSI are still not clear. How to exploit the transmit
CSI in correlated MIMO fading channels also needs to add extra knowledge. Therefore
we evaluate the capacity of the correlated MIMO channels with CSIT and CSIR. We also
make efforts to exploit the high capacity with simple transmission schemes. We calculate
the achievable rate by using simple beamforming when the MIMO channel is highly corre-
lated. To further simplify the coding/decoding, we apply truncated channel inversion (TCI)

[251 in MIMO correlated channels and evaluate the achievable rates.

3.6.1 System Description

We consider a wireless link comprising [V, transmitter antennas and N, receiver
antennas that operates in a semi-correlated Rayleigh flat-fading environment, which means
correlation exists either at the transmitter or at the receiver but not both. Due to the dual-
ity between correlation at the transmitter and correlation at the receiver, only the case of
correlation at the receiver is considered in this paper. Denote the correlation matrix as R.
From chapter 2, we can see that the channels can be characterized by a matrix defined as
H £ RY 2H, where H is an N, x N, matrix, of which the entries are modelled as inde-

pendent complex circular symmetric Gaussian random variables with zero-mean and unit
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variance. Again, the discrete-time baseband received signal can be expressed as
y=Hzx+ z. 3.6.1)

Assume there is an average transmit power constraint {2; then we have £[z'xz] = Q. Let the
singular value decomposition (SVD) of the channel matrix H be H = UAY?V. With

the similar processing as we did in the uncorrelated cases, we obtain

§=Uly = UHVQis+U'z
S1
AY2QE | | 43, (3.6.2)

Sm

where 2 = U'z is still a complex additive Gaussian noise vector with zero mean and
covariance matrix I,,,. Define a Wishart matrix W as in (3.2.3). It can be shown that the
eigenvalues of W play the key roles in the capacity calculation. If the number of receive
antennas is no less than the number of transmit antennas, the correlation matrix R is an
n X n matrix; otherwise, it is an m X m matrix. For these two cases, the probability density
functions (pdf’s) of the eigenvalues of W have different forms. In the former case, the
joint pdf of the unordered eigenvalues has been given by equation (29) in [39]; in the latter
case, the joint pdf of the ordered eigenvalues are given in [40]. We consider correlations
are present at the receiver and in general more capacity gain can be obtained by having
the transmit CSI in a MIMO system which equips more antennas at the transmitter than
those at the receiver. Hence we have an m X m correlation matrix as modelled. Denote
the joint pdf of unordered eigenvalues as g5 (A1, - - -, Am), where we denote A1, Ao, -+, A
as the eigenvalues of W. We can derive gp (A1, -, Am) from the joint pdf of the ordered
eigenvalues [40]. Denote v; > v > -+ > 7, as the ordered eigenvalues of correlation
matrix R, then gp (A1, +, Am) can be expressed as

[Lo A" B

AL hn) = T e e ()

(3.6.3)
where we define
A=A A - )\m],
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A A e A
TeVEN I ? _ : (3.6.5)
)\lm-l )\zm—l RS} m—1

and we define ¥(+y) just by replacing A in ¥ () with ~y. Again, in order to calculate capac-
ities for the different MIMO signaling schemes, and for use in optimization, the marginal
pdf’s of both the unordered and ordered eigenvalues of the matrix W are needed. Due
to the complete symmetry among all unordered eigenvalues in (3.6.3), the marginal pdf’s
of all the unordered eigenvalues should have exactly the same expression, and it can be

obtained by

gn,m(x)=/ / A (@ ey Am)dhg - A (3.6.6)
0 1 0

We sort all the eigenvalues in non-decreasing order and denote the k-th order statistic of
A1, Az, -+, Am by 7. Notice that the probability that two eigenvalues are equal is zero, and
we can therefore discard this case. Following the same procedure as in the uncorrelated

case, it can be shown that the marginal pdf of 7 can be obtained by

m—l co oo T T
gg,m(w)zm(k 1)/ T[]
- Jz - z JO 0

k-1 m~—k

ga(Z, Az, Am)dAg - - - dm. (3.6.7)

Notice that gp (A1, - - -, Am) is composed of a sum of terms which have the following forms

m
H €1,:€ 02’1)\1)‘;7
i=1

46



where /; is some non-negative integer, c;; and cy; are some constant scalars. By applying

the following identity

L k

00

e N s 8] l! P Co ;T

Cc14€ ca,ihi )\ild)\z = ’; o E u—')—, (3.6.8)
k4 ? k=0

it can be shown that the close-form expressions of (3.6.6) and (3.6.7) can be obtained for

any MIMO system (with the use of symbolic computation software when m is large).

3.6.2 Capacity and Achievable Rate with Different Signaling Schemes

As shown in Chapter 2, the ergodic capacity of the correlated MIMO channels
with CSIR only can be also given as

c, = €& [10g2

Q
IM+—HHﬂ. (3.6.9)
N

Since we already obtained the marginal pdf of the unordered eigenvalues and all of them

have the same expressions, (3.6.9) can be simplified as

oo Q
C, = m/ log, <1 + —:c) Inm{T)dz. (3.6.10)
0 N

When the CSI is available at both the transmitter and the receiver, (3.6.2) indicates that
a MIMO fading channel can be decomposed into m parallel channels and these paral-
lel channels are characterized by an eigenvalue matrix A. With an average transmit power
constraint, the transmit power also should be dynamically allocated according to the instan-
taneous CSI. It can be shown that optimal power adaption in multiple eigen-beamforming

scheme is the “water-filling” method with

L1l >
Qi = { Ao . A . ;AO (3.6.11)
3 3 0

where ) is a unique cutoff value for all eigenvalues and it can be obtained by solving the

following average power constraint equation

11 0
AO<E—5>%M@Mx_E' (3.6.12)
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The capacity of the MIMO fading channel with both transmit and receive CSI can therefore

be calculated as

o0

Co=m log, (i) Gn,m(z)dz. (3.6.13)
Yo Ao

A beamforming scheme maximizes the received SNR and its achievable rate approaches
the capacity of a MIMO fading channel provided the SNR is low. However, the achievable
rate of beamforming in highly correlated MIMO fading channels is still not clear. Therefore
we also evaluate the achievable rate of beamforming in correlated MIMO fading channels.
It turns out that the optimal power adaption scheme in beamforming case is still the “water-

filling” method and the achievable rate in this case can be calculated by

Cs = / log, <ﬁ> g% (x)da, (3.6.14)
Y Ao/ 7"
0
where ){ is again some cutoff value obtained by solving an average power constraint equa-
tion as follows
*/71 1
0

However, to achieve capacity of correlated MIMO systems C, or the beamform-
ing achievable rate C'; with water-filling method, an infinite number of codes is required
in principle. Furthermore, achieving C; also requires joint multiplexed coding/decoding
among m parallel dependent eigen-channels. Therefore the water-filling scheme introduces
high coding/decoding complexity. Another scheme to achieve the capacity of MIMO fad-
ing channels is using one CSl-independent code with separate CSI-dependent power con-
trol [27]. This scheme requires inter block coding and may require long code, especially
when deep fading occurs. To reduce the coding/dcoding complexity and avoid compli-
cated power adaption, yet still approach the capacity C5, we apply the TCI [25] to each
un-ordered eigen-channel (multi-TCI). To calculate the achievable rate C5 . by using multi-
TCI, we realize that we should allocate the same power to each of the m eigen-channels
and truncate all m eigen-channels in the same way due to the complete symmetry among
the unordered eigen-values. It turns out that C; . can be found by maximizing the following

integral over all possible cutoff values

Cse = maxm {log2 (1 + ﬂ) / gn,m(:c)d:c} , (3.6.16)
ma) J,

Ho 0
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where a is defined as

e

a

/ %fn,m(a:)dx. 3.6.17)

Ho
Similarly, C's ¢, which is the rate achieved by applying the TCI to the beamforming (BF-

TCI), can be acquired by maximizing over all y, so that

Q o<
Cse=maxqlog, | 1+ 05— / gl (z)dz .
e = { ( f6§g;,m(x>d:c) ol

# 0
Notice that to achieve C, . or C3 ¢, only one code designed for an AWGN channel is needed
since each eigen-channel becomes an AWGN channel after TCI. Also notice that BF-TCI

requires only one pair of coder/decoder, but Multi-TCI requires m pairs of coder/decoders.

3.6.3 Examples and Discussion

In this section, we illustrate the capacities and the achievable rates of the afore-
mentioned schemes in the (N; = n, N, = 2) and the (N; = 3, N, = 3) correlated MIMO
systems. We apply an exponential decaying correlation model [42] in our calculations.
Therefore the i, j-th entry of correlation matrix R is vl with 0 < r < 1, where r is
referred to as the exponential correlation parameter.

In Figure 3.11, we compare the capacities achieved by knowing the CSI at the
transmitter with the capacities when the CSI is available only at the receiver in the highly
correlated MIMO systems. It is shown that knowing CSI at the transmitter can provide
considerable capacity gain in the highly correlated MIMO systems when the number of
transmit antennas is larger than the number of receive antennas.

In Figures 3.12 and 3.13, we evaluate the effects of correlation on capacities and
the achievable rates of the proposed schemes in (NV; = 4, N, = 2) and (N; = 3, N, = 3)
MIMO systems. First, we observe that, when the correlation is small (say, 7 < 0.3), the
effects of correlation on capacities are negligible. In the (N, = 3, N,. = 3) MIMO system,
we can also observe that the capacity achieved by knowing the CSI at the transmitter and
the capacity of only knowing the CSI at the receiver decrease as the correlation increases.
However, the larger the correlation, the more capacity gain can be obtained by knowing the

CSI at the transmitter. Therefore in highly correlated MIMO systems, transmit CSI is more
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Figure 3.11: Capacities of (N, = n, N, = 2) highly correlated (r = 0.9) MIMO fading
channels at different SNR.

crucial than in uncorrelated MIMO fading channels. At last, it is interesting to notice that
the achievable rate by using beamforming slightly increases as the correlation increases.
When the correlation is high, the achievable rate by using beamforming approaches very
closely to the capacity achieved by knowing the CSI at the transmitter.

In Figures 3.14 and 3.15, we depict the capacities and the achievable rates of the
proposed schemes at different SNR in the (N, = 3, N, = 3) MIMO system. It is shown
that the achievable rate by using multi-TCI scheme, which requires one code designed for
an AWGN channel and three pairs of coder/decoders, approaches the capacity achieved
by knowing the CSI at the transmitter. Although the achievable rate by using multi-TCI
scheme outweighs the capacity of only knowing the CSI at the receiver in the very low
SNR region when correlation is low, it outweighs the capacity of only knowing the CST at
the receiver in the relatively large SNR region when the correlation is high. In the highly

correlated case, it is shown that the BF-TCI scheme, which requires one code designed for
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Figure 3.12: Effect of exponential correlation parameter on capacities and achievable rates
of the (N; = 4, N, = 2) correlated MIMO fading channels at SNR = 5dB.

an AWGN channel and one pair of coder/decoder, achieves the same rate as the multi-TCI

scheme in the considered SNR region.
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Chapter 4

Blind Decoders of Space-time Block
Codes in Downlink DS-CDMA Systems

4.1 Introduction

It has been shown that the performance of a wireless communication system can
be greatly improved by applying multiple antennas and numerous efficient communication
schemes have been proposed, such as beamforming in MIMO fading channels with CSIT
and CSIR [32], space-time coding in MIMO fading channels with CSIR only [10][11], dif-
ferential space-time coding in MIMO fading channels with NCSI [57] [56]. Unfortunately,
most of these schemes are designed for a point-to-point communication system, i.e., a sin-
gle user system. However, most practical communication systems are with multiple users.

Direct-sequence code-division multiple access (DS-CDMA) is a promising ra-
dio access technique for the third-generation mobile (3G) communication system due to
its flexibility to support a variety of services. A major impediment to the performance
of a DS-CDMA system is multiple-access interference (MAI), which is inherent to any
nonorthogonal CDMA system. It has been demonstrated that multiuser detection tech-
niques are powerful for MAI suppression in CDMA systems, especially in uplinks, where
the base station has the knowledge of all users’ spreading sequences [43]. However, in
downlinks, each mobile station typically has only the knowledge of its own spreading se-

quence. Therefore suppression of MAI in the downlink is more challenging because it must
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be done blindly. Since wireless Internet, video-on-demand and multimedia services are re-
quired in the next-generation wireless communication systems, the downlink performance
is more important than the uplink and how to improve the downlink performance becomes
a key problem.

Multiple antennas are typically equipped at the base station instead at the mobile
station due to its limited size. For a system with large number of users, it is more realistic
to assume that the CSI is only known at mobile stations. In this scenario, space-time coding
seems a promising transmission technique to improve the downlnik performance because
it can provide diversity gain and coding gain without knowing the CSI at the transmitter.
A variety of space-time codes have been proposed based on different design criteria some
of them have already been adopted as industry standards, such as Almouti code in IEEE
802.16. Among the existed space-time codes, space-time block codes can provide quite
good performance with reasonable decoding complexity and therefore be more practical.
Both space-time coding and multiuser detection can be applied to improve the performance
of the downlinks of DS-CDMA systems. How to combine these two techniques to obtain
higher performance becomes an interesting task.

There has been a line of work studying the combination of space-time coding and
multiuser detection. The design of good space-time codes in multipath CDMA systems
has been studied in [44][45]. It is shown that the multiuser coding problem decouples
to multiple single user coding problem in the uplink, however, a true multiple user coding
problem exists in the downlink. G.Klang and A.Naguib firstly combined the blind multiuser
detection and decoding of space-time block code in DS-CDMA system in [46]. However,
only a non-joint approach has been proposed. A linear blind multiuser receiver, referred to
as the Capon receiver, for space-time block codes has been presented in [48]. Howeyver, the
paper focused on joint decoding with blind channel estimation and only Alamouti’s code
was considered. Our works on this topic lie in two aspects: first, we propose a joint blind
space-time decoders which is suitable for most existing space-time block codes; second,

we study the blind non-coherent decoder for differential space-time block codes.
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4.2 Blind Decoders of Linear Dispersion Codes

4.2.1 Linear Dispersion Codes

Linear Dispersion (LD) [47] code has been proposed as a high-rate space-time
coding scheme that retains the decoding simplicity as of V-BLAST [4]. Unlike V-BLAST,
which requires more antennas at the receiver than at the transmitter, LD codes can be ap-
plied with any configuration of transmit and receive antennas. Since LD codes are designed
to maximize the mutual information between the transmit and receive signals, they gener-
ally outperforms V-BLAST and orthogonal designed space-time codes [11] in high SNR
region. Besides the aforementioned coding/decoding advantages, LD codes subsume both
VBLAST and orthogonal designed space-time block codes as special cases. Therefore LD
codes can be taken to express the general structure of many existing space-time block codes,
and decoding algorithms of LD codes will be suitable for many types of space-time block
codes. Therefore we consider the application of LD codes in the downlink of a DS-CDMA
system.

Let us briefly introduce the general structure of the LD codes. For a block-static
wireless link with NV; transmit antennas, assume that the coherent time interval spans T°
symbols, an LD code is defined by a 7' x N; matrix C that governs the transmission over IV,
transmit antennas during the interval. Each entry of the codeword C is linear combination
of () complex symbols (d;, dz, - - - dg) chosen from an arbitrary constellation of the ) data
substreams. It can be seen that the rate of the corresponding LD code is R = % logrif d,
is chosen from a 7-PSK or a r-QAM constellation. With the definition of d, = o, + 75,

where o, and (3, are real scalars, the general structure of linear dispersion codeword C'is

Q
C = (oA, +iB,B,). (4.2.1)

q=1
where {A,, B,} are referred to as the dispersion matrices and they are chosen such that
the mutual information between the transmitted signals {cy, 3,} and the received signals
is maximized. Obviously the design of LD codes depends crucially on the choices of
the dispersion matrices. By selecting dispersion matrices, both V-BLLAST and orthogonal

designed space-time block codes can be written in the forms of LD codes. For example,
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Alamouti code corresponds to an N; = ) = T = 2 LD code with

10 0 1 1 0 01
A1 = 5 A2 - s Bl - y Bg = . (422)
01 -1 0 0 -1 10

4.2.2 System Model

Consider a downlink transmission of a K -user synchronous DS-CDMA system
equipped with /V; transmit antennas at the base station and N, receive antennas at each
mobile station. We assume that the channels are quasi-static frequency flat Rayleigh fading
and the CSI is known perfectly at the mobil station. Denote the LD codeword transmitted
to the k-th user as C. The (¢, n)-th entry in Cy is transmitted in the ¢-th symbol interval

on the n-th transmit antenna and it can be written as
Z Qg Ar,g(t, 1) + JPrgBrgq(t,n)). (4.2.3)
g=1

We suppose that all )V, transmit antennas of a specific user are assigned the same signature
waveform. Then sy, the signature waveform applied to the k-th user, is of form

1
VP

where P is the spreading gain and sy (i) for ¢ = 1,2,-.-, P is of £1. Without loss of

Sk = [sk(l) se(2) -+ sk(P) ]T, 4.2.4)

generality, let us focus on the decoding of user 1. Denote the complex path gain between
transmit antenna n and receive antenna m of user 1 as Ay, ,, which is modelled as a
complex circular Gaussian random variable with zero-mean and unit variance. Then the
received signal of m-th receive antenna at the ¢-th symbol interval, sampled at the chip-
rate, is given by

K N

Pm(t) = Z Z Py ()85 (8)Cr(t, ) + v (t)

= Zzzhlmn Sk(t)(akquq(t n) +]ﬂqukq(t n)) +'Um(b0425)

k=1 n=1 ¢g=1

where 7,,,(t) is the P-dimensional vector of chip-samples during one symbol interval and

vn(t) is a P-dimensional noise vector with i.i.d entries modelled as complex Gaussian
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random variable with zero-mean and variance 2. To design the joint decoder, we define

N

SEmqlt) = Z Py mn(t)Sk(£) Ar o (t, ), (4.2.6)
n=1
N

S ma®) =D jh1mn(t)sk(t)Beq(t,n), (4.2.7)
n=1

where sj,, (%), sf’m’q(t) are referred to as LD-waveforms. (4.2.5) can be rewritten as

K Q
ZZ Sk m,q(t) + Brgs kmq(t))+vm(t). (4.2.8)

k=1 ¢q=1
Keep in mind that o, and (4 are the information data sent to user k. Therefore the

following vector is required to be decoded at k-th mobile receiver

T
9k=[ak,1 s e Pry v ﬁk,Q] . (4.2.9)

It can be seen that there are 2Q) LD-waveforms for each user. We stack the 2Q) LD-

waveforms as follows

2 = [ 88ma(®) SEmalt) - 8Emol®) |,
Sem® = | Bns®) o) - $hmo®) ],
R([ $%m®) SPemlt)

S(| 8%ml®) Shm(t

Sk,m(t) =

Given the following definitions

Vi) — R(rm(t)) oV (1) = R(vi(t))
m(t) [%(rm(t))}, m(t) [g ],

0=|67 o ... GQ]T,

the received signal of m-th receive antenna at the ¢-th symbol for the first user can be

rewritten as
) = | Sim(t) Sn(t) |0 +Vh0), (4.2.10)
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where S,,(t) is given by

Sn() = | Som®) Som®) - Sxm® |-

Since there are N, receive antennas at each mobile station and each LD codeword spans T’
symbol intervals, decoding of LD code requires us to stack the received signals from all the
receive antennas and 7" symbol intervals. The overall observations of user 1 for the whole

duration of [-th codeword can be formed as

— - ~- - - -

ry (1) Sia(l)  Si(1) vy (1)
i, (1) Sin. (1) Sw.(1) vy, (1)
' _ 0+ 4.2.11)
r{(T) $14(T)  8:(T) vy (T)
L rx.(T) | [ S (D) Sn.(T) 1 vy, (T) i
=40 é[ s, § ] =)

For convenience, we ignore the index [ when there is no confusion and rewrite (4.2.11) as
r=28,0,+86+v=_S86+v, (4.2.12)
where we define

[Sl S’] eé[ol é]. (4.2.13)

4.2.3 Direct Subspace-based Blind Decoder

Notice that S is a 2PN, T x 2Q matrix and S is a 2PN, T x 2Q(K — 1) matrix.
Under the assumption that the receiver of user 1 knows the CSI of its own channel and
the original signature waveform of itself, but nothing about other users, only the matrix
S is known at the receiver of user 1. Regard each column of matrices .§; and S as one

long LD waveform, therefore the number of known long LD-waveforms is 2¢) and the
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number of unknown long LD-waveforms is 2Q(K — 1). Denote 6, ; as the i-th entry of
0:. To decode 6, ;, we need to suppress both the interference from other symbols of user 1
and the interference from other users. This is similar to a group-blind multiuser detection
problem considered in [49] which requires to suppress the interference from the known
users based on the spreading sequences of these users and to suppress the interference from
other unknown users using subspace-based blind methods. Therefore we develop the joint
decoder based on the group-blind detection [49].
We consider a linear zero-forcing detector given by optimizing the following

problem

w; =arg  min |lwlS|]? st w!S; =17, (4.2.14)

w;erange(S)
where 1, is a 2¢) dimensional column vector with all-zero entries except for the ¢-th entry.
Using the method of Lagrange multiplier to solve the constrained optimization problem
(4.2.14), we obtain
w; = arg min w] SSTw; + A (wTS; — 17)
w;erange(S)
= (887)iS A (4.2.15)

Substituting (4.2.15) into the constraint w? S; = 17, we have
A = [ST(S8T)isy] 1. (4.2.16)

There the solution for linear zero-forcing detector w; has the form of

w; = (8ST)*SA[ST(SST)Sy] 7 1., (4.2.17)

It should be noticed that above detector can not be applied because .S is not known at the
receiver of user 1 due to unavailability of S. However, the subspace spanned by S can be
estimated at the receiver of user 1 blindly. Suppose that LD codes are selected from QPSK
modulation, the subspace parameters are obtained from an eigenvalue decomposition of the

correlation matrix R

R = E [rrT] =887 + angQK
= U,AUT + 02U, UL (4.2.18)
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where A, is a diagonal matrix of the 2QK eigenvalues larger than o2, and U, and U,
are matrices with columns of the corresponding eigenvectors. Therefore (SS7)! can be

replaced by
(8STYr = U A, - I)'UT. (4.2.19)
Substituting (4.2.19) into (4.2.17), the subspace-base linear-forcing detector is obtained as
w; = U,(A, - o*I)'UTS, [STU(A, — 01)7'UTS,]| ' 1. (4.2.20)

Notice that the detector can be implemented blindly by replacing subspace parameters with

their estimates. Say, R, which is the estimate of R, is given by

R = %;{T(Z)T(Z)T}. (4.2.21)

where we suppose the channel keeps unchange for L LD codewords. And the estimated
subspace parameters can be obtained by decomposing R. Applying w; in (4.2.17), we can

define the direct subspace blind decoder by

él,z’ = arg %ﬂn(ﬁl,i —wir)? (4.2.22)
1,4

4.2.4 Subspace-based Blind Sphere Decoder

Let us consider decoding of a whole LD codeword. It can be easily shown that

the zero-forcing detector for one whole codeword 6 has the form of
W =U,(A, — o2 I)"'UTS, [STU,(A, - o> T)"'UTS,| .
Apply the subspace-based blind detector W' to 7, we obtain
y,=WTlr=0,+ W7o, (4.2.23)

where W7 is gaussian noise with zero mean and covariance matrix o>(WTW). Since
typically 02(WTW) is not a diagonal matrix, decoupled decoding as direct subspace blind
decoder in (4.2.22) is not optimum. However, for LD codes with orthogonal structure,

this direct subspace blind decoder is optimum because o>(W7 W) is a diagonal matrix.
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But for LD codes which do not have orthogonal structure, the optimal decoder is given
by the maximum likelihood solution. Whitening the noise with a matrix defined G, =
(e?WTW)~2, we obtain

y=Gy,=G.,0,+G Wy, (4.2.24)

where G,W 7T is zero-mean Gaussian noise with covariance matrix identity. The maxi-

mum likelihood solution is given by solving the following integer least-square problem
6, = arg néin ly — G.0:. (4.2.25)
1

It is well-known that the problem in (4.2.25) is NP hard for general G,. For LD codes
with large size, the complexity of the problem in (4.2.25) can be formidable. Therefore we
feed the output of the subspace blind detector to a sphere decoder in order to approach the
maximum likelihood solution with reasonable complexity.

The above integer least-square problem has a simple geometric interpretation. It
can be regarded that 8, spans a 2¢) dimensional rectangle lattice due to its discrete uniform
entries. For any given matrix G, G,0; stands for a skewed lattice. Therefore the above
integer least-square problem is to find a closest lattice point for a given vector y in the
skewed lattice G,0,. Sphere decoder reduces the computations by restricting its computa-
tion to the points which are found inside a sphere of radius ¢ centered at the received point
instead of the whole lattice. Obviously the choice of ¢ is vital to sphere decoding because
too lager radius brings exponentially increased complexity and too small radius fails the
decoding. In fact, it is shown that the choice of € to cover given number of points in a given
lattice is still a NP hard problem [50]. Sphere decoder does not solve the problem how to
wisely choose €. However, sphere decoder does present an efficient algorithm to determine
which lattice points are inside the giver sphere of radius €. It is demonstrated in [51] that
the expected complexity of sphere decoding is typically polynomial, in fact often roughly
cubic, in most cases. In this dissertation, we apply the sphere decoding algorithm proposed
in [52].
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4.2.5 Decimation-combining Processing

The major computational effort of the subspace-method blind decoders discussed
so far involves estimating the autocorrelation matrix ]2, computing the eigen-decomposition
of R, and sphere decoding of @;. Since 8, has much lower dimension than R, the complex-
ity of sphere decoding of 8 is minor compared to the complexity of the other two. Specif-
ically, estimating the autocorrelation matrix R and computing the eigen-decomposition of
R have computational complexity of O(LP2N2T?) and O(P3N3T?) respectively, where
L is the number of LD codewords used to estimate the autocorrelation matrix. To de-
crease the complexity of subspace-based blind sphere decoder, we propose the following
decimation-combining processing.

By down sampling the received signal sample vector r by a factor J, where we
suppose J divides 2PMT, and using the J interleaved signals, we can reduce the prob-
lem to J parallel calculations in (2PN, T'/J)-dimensional spaces instead of the original
(2PN, T)-dimensional space. Let the 5" decimated received signal sample vector be de-
fined by

P[] rag) e tPNT-T+5)] . @226)

where 7[j] is the j** entry of ». Foreach 7/, j = 1,2---,J, we find a blind decoder W/
(notice that the problem is completely equivalent to the problem considered before, just
with a dimension 2PN, T/J). After applying the decimated detector to its corresponding
decimated received signal sample vector, the J outputs are then combined to yield the

decision statistics

J J
1 T 1 T
v = 3> wilei =9, + 3 Wiyl (4.2.27)
j=1 j=1
where v/ is defined as
. T
o = ol olJ+4] - WRPNT-J+j]] - (4.2.28)

It is easily to see that %ijl W vl is still gaussian noise with zero mean and co-
. . iTxri .

variance matrix %; Z}]:l W WJ. Therefore a sphere decoder can be applied for non-

orthogonal LD codes in the same way as discussed above. It is obvious that the complex-

ity of estimating and eigen-decomposing the autocorrelation matrix R are decreased to
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O(LP?M?*T?/J) and O(P3M3T?/J?) respectively after the decimation-combining pro-

cessing.

4.2.6 Simulation Examples

In this section, we present simulation results to demonstrate the performance of
the proposed subspace-based blind decoders for different kinds of LD codes. In our simu-
lations, QPSK constellation is applied and the original signature waveforms are generated

as random sequences with spreading gain P = 32.

:i:| 40— Direct Sphere Decoder(SNR=20dB)
—%— Subspace Decoder(SNR=20dB)
*'| -~ Subspace Sphere Decoder(SNR=20dB) |

BER

50 100 150 200 250 300 350 400 450 500 550 600
Sample Symbls Needed to Estimate R

Figure 4.1: Convergence speed of subspace-method blind decoders for V; = 2, N, =
1,7 = Q@ =2in K = 8 users DS-CDMA system.

As shown in (4.2.2), Alamouti code can be regarded as a T = N, = @ = 2
LD code. Since it achieves full channel capacity of the (N; = 2, N, = 1) system and
can be simply decoded, it is very likely to be applied in the future wireless communication
system. Fig. 4.1 presents the convergence speed of the subspace-based blind decoders

at SNR = 20dB for Alamouti code. It is worth mentioning that after a frame length of
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Figure 4.2: Performance of different decoders for LD code with N; =2, N, = 1, T =@ =
2in K = 8 users DS-CDMA system.

120 blocks the subspace-based decoders have better performance than the direct sphere
decoder, which uses conventional matched filter to suppress the interferences. Because of
the orthogonality of Alamouti code, as expected there is no difference between the direct
subspace-based blind decoder and subspace-based blind sphere decoder. It can be also
observed that the subspace method requires about L. = 550 codewords to approach its best
performance.

Fig. 4.2 shows the performance of proposed subspace-based blind decoders by
using L = 400 codewords to estimate the autocorrelation matrix R. A bit error rate (BER)
of 2x 10~* s attained at SN R = 20dB for the subspace-method decoders but only 2 x 102
for the direct sphere decoder. It can be seen that the decimation-combining processing with
decimation factor (J = 2) only degrades the BER performance in the 2dB range.

VBLAST codes [4] are designed to exploit the multiplexing gain of MIMO sys-
tems. Therefore we select a VBLAST code as an example of non-orthogonal LD code. In

[47], itis shown that VBLAST code is also a special case of LD codes. Fora (N; = 2, N, =
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Figure 4.3: Convergence speed of subspace-method blind Decoders for N; = 2, N, =
2,T =2, = 4 LD code in K=4 users DS-CDMA system.
2) system, the dispersion matrices of a (T' = 2,Q = 4) LD code can be constructed with

the following transformations of a VBLAST code

A, = AL+ A A = Ay + Ay

\/5 3 2 — \/i )

Al - Ay Ay — Ay

A =1 00 g, =220 00
3 \/§ 2 \/5

where A; for g = 1,2,3,4 is the VBLAST codeword. The dispersion matrices B, can
be constructed by similar transformations. Fig. 4.3 and Fig. 4.4 present the convergence
speed and BER performance for this Ny = 2,7 = 2,Q = 4 non-orthogonal LD code
respectively. It is shown that VBLAST code requires more LD codes to approach its best
performance because in this case there are more channels and the code rate is high. It
is also demonstrated that the subspace sphere decoder has worse performance than the
direct subspace decoder for a small number of LD codewords (here less than 400), but

has better performance for a large number of codewords. The reason is that when R is
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Figure 4.4: Performance of different decoders for N; = 2, N, =2, T = 2, = 4 LD code
in K=4 users DS-CDMA system.

inexactly estimated, the subspace detector is far from being decorrelating among symbols
of the same user, an assumption that was used in applying the sphere decoder. In Fig.
4.4, L = 600 symbols are used to estimate the autocorrelation matrix R. It is shown
that performance of the subspace sphere decoder is more than 2dB better than the direct
subspace decoder and even the performance of subspace sphere decoder with decimation-

combining processing(J=2) is better than the direct subspace decoder.

4.3 Non-coherent Blind Decoders for Differential STBC

We have proposed the subspace-based blind decoders that can exploit the diver-
sity of MIMO systems and suppress the MAI blindly. However, the proposed decoders are
based on knowing the CSI at the receiver. The CSI of MIMO channels can only be known

to the receiver by channel estimation through training-based methods or blind methods.
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Although lots of works have been done in this area, it is still a very tough task to guaran-
tee the accuracy of MIMO channel estimation without exhausting computation, especially
when the number of antennas is large. And in some situations, we may want to forego
channel estimation in order to reduce the cost and complexity of the handset, or perhaps
fading channels change so rapidly that channel estimation is difficult or requires too many
training symbols. Therefore the differential space-time block codes have been proposed to
achieve the diversity and coding gains when neither the transmitter nor the receiver has the
channel state information [55]-[58].

Most current papers on differential space-time codes are constricted in point-to-
point communication. [59] discussed the application of differential space-time block codes
in DS-CDMA system under the assumption that the spreading sequences of the different
users are absolute orthogonal. The assumption is very unrealistic and with this assumption
the multiple user system indeed becomes a point-to-point communication system. In this
part, we consider the non-coherent decoding of differential space-time codes in downlink
DS-CDMA system with random sgenerated spreading sequences because the downlink

transmission is more challenging than the uplink transmission.

4.3.1 System Model

We consider a K -user synchronous DS-CDMA system with N, transmit antennas
at the base station and N, receive antennas at each mobile station. The channel between
each antenna pair is assumed to be quasi-static flat Rayleigh fading so that the channel co-
efficients remain constant over a frame of (LT') length and vary from one frame to another
independently. The [-th differential space-time codeword of the k-th user is denoted as an
N; x T matrix Cy(l)

Cill) = [elT+1) - a(T+T)],

where ¢ (IT + t) is an N-dimensional column vector which denotes the ¢-th column in
Ci(l)fort =1,2,.-.,T. For downlink transmission, the entries of ¢ (IT + t) are trans-
mitted simultaneously from the NV transmit antennas at time slot [T'+t. Suppose we always

focus on the detection for the ¢-th user, the received signal of the m-th receive antenna at
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the ¢-th user, sampled at the time slot [T + ¢, is

K N
Yo (T +1) = > > sthgmncen(T + t) + vom (1T + 1), (43.1)

k=1 n=1
where sy, is the spreading code of the k-th user with spreading gain P; v,,,,(IT + t) is
the noise vector whose entries are independent samples of a zero-mean complex Gaussian
random variable with variance o2, /2 per real dimension; Ay, is channel coefficient be-
tween ni-th transmit antenna at the base station and the m-th receive antenna at the user ¢,
and Ay, is modeled as samples of independent complex Gaussian random variable with

variance 0.5 per real dimension. Denote 7 21T +tand give the following definitions

_ 61(7) -
A a | c(7)
S=[31 8y - SK]§C(T): : 3

| CK(T) ]
A
hqm = [ hqml hqm2 T hqut ] ;
_ - -
hgm
H,,% ”o :
- hqm -

the equation (4.3.1) can be rewritten as

qu(T) = SquC(T) + ’qu(T)
= STy (T) + vyn(7), (4.3.2)

where @, (7) = Hgme(r). The received signal for the whole I-th codeword can be con-

structed by stacking the received signal at each time slot 7 into a matrix

Yonl) 2 [ 4pm(T+1) - yu(T+T) ]
= SX () + Vem(D), (4.3.3)

where X (1) 2 H,,C(1) and C(1) is defined as

co=[cra) ciw - o] - (434
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4.3.2 Encoding and Decoding of Differential STBC

Differential STBC based on unitary group codes [57] is regarded as the typical
differential STBC because it holds the general structure of differential modulation for a rich
class of space-time block codes. Differential STBC based on orthogonal designs [55][56]
is very important in practical sense due to its simple encoding/decoding algorithm. With
the considerations of both generality and practicality, these two kinds of differential STBC
are discussed in this paper. Furthermore, we select the differential Alamouti STBC as the
typical differential STBC based on general orthogonal design since the generalization is

straightforward.

Encoding

Let G be any group of unitary matrix, to send signal Gx(!) € G in block I, the
differential STBC based on unitary group codes are denoted as

Ci(l) = Cr(l - D)Gy(l), 1=1,2,---,L. (4.3.5)

For the differential Alamouti STBC (T=2), the codeword send in block [ can be denoted as

(4.3.6)

Cull) = [ (@ +1) o2l +2)° }
Ck2(2l + 2) Cr1 (2l + 1)*

with

Ck1(2l + 1)
ck2(2l -+ 2)

_ ck1(2l - 1) —Ck2(2l)*
= 0x(1) [ a(2) } + () { (2l - 1)° }

where 6x(l) and ¢y (l) are mapped from source data sending in block [ under a certain

mapping pattern Q. Subject to the transmit power constraint, it is easily seen that ||6;(1)]|?+

lexI* = 1.

Decoding

Still Consider the decoding of the ¢-th user, we suppose that 22 (1) = hyg,,co(T)

is known somehow by estimation, which is the first entry in 2, (7). To avoid confusion
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with the previously defined matrix X, (1), we can stack z2, () into a matrix as
(1)
xme | |,
z, ()
where we define

20,0) 2 [ et (T +1) - (T +T) ],

The decoding scheme for the differential STBC based on unitary group codes is

Gylt) = arg ax T (Xwe,ucin (X)),

where T'r(.) denotes the trace and we define

xme| x-1 x0],

= O

cE[ca-1 ¢l
If the mapping pattern Q of the differential Alamouti STBC is BPSK, the decoding scheme
of the differential Alamouti STBC is

I

bo() = sign ((a— 1)) at(1))
&) = sign (87— 1) o)),
where we define

()

[ (@+1) (an@+2) ],
B = [ et +2) ~@LE+D) ],
o) = [ at() af) - at,0]

F0 =m0 B0 - B ]|

4.3.3 Non-coherent Detection with Blind Linear Multiuser Estimator

From the aforementioned differential STBC decoding scheme, we can see that
the key part of non-coherent detecting the differential STBC in MIMO DS-CDMA system
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is to estimate zZ (7), and the performance of this non-coherent detecting scheme largely
depends on how accurately we could estimate x7 (7). Since the mobile station only knows
its own spreading code in the downlink, we also need to suppress the MAI blindly as we
estimate 2¢ (7). Of course a simple and direct method to estimate 27, () does exist, which
is the well-known conventional matched filter. Because the conventional matched filter
simply treats the interferences from other users as noise, it is natural that the performance
of this "direct” method would not be good. To suppress the MAI efficiently, we define the

linear MMSE estimator w,y,, for z2,(7)
Wem = argmin € [|[z2,(1) — wzmqu(7)||2] ) 4.3.7)
The well-known solution of wg,y, is
Wem = R € [Yum(T)(@L(7))*] (4.3.8)

where Ry, is the autocorrelation matrix of the received signal at the m-th receive antenna,

which is denoted as
R, = S[qu(l)Y;m(l)]. 4.3.9)

To obtain a practical solution to equation (4.3.8), we require that the differential STBC

possess the following structure:

e Property A. For any PSK constellation, there is

Efemct)] = Ign,. (4.3.10)

For the two kinds of differential STBC mentioned above, it is obvious that Cq(l)C};(l) =
Iy due to the orthogonality of unitary group codes and STBC with orthogonal design.
Furthermore, by selecting G and Q, we can easily show that Property A can hold water for

most of the existing differential STBC. Apply Property A in equation (4.3.8), we obtain
Wem = ”hqmanq_nllsqv (4.3.11)
and the autocorrelation matrix R, can be written as
Ry = SAmS'+02,Ip, (4.3.12)
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where A, is a diagonal matrix defined as

(g1
h 2
A2 g

1P *

The correlation matrix R,,,, can be decomposed into a signal subspace and a noise subspace

as

qu = US,quS,qm UT

S,qm + O'QUV’quT

Vigm?

(4.3.13)

where U'g ,,,, is the signal subspace eigenvector matrix, Uy, is the noise subspace eigen-
vector matrix, Ag gy is the signal subspace eigenvalue matrix. Because s, is orthogonal to

the noise subspace, we can define the subspace-based linear MMSE estimator as in [60]

Wsgm = |hem|*UsgmAsomU b ms (4.3.14)

S,qm ™~ S,qm*~q*

It is interesting to notice that the above estimator can be a blind estimator if || A, ||* can be
blindly estimated or omitted because s, is known to the ¢** user and R, can be blindly
estimated by Rym = + S0, [V ()Y, (1)].

434 For MISO DS-CDMA System

Since only one receive antenna is equipped at the mobile station in an MISO
DS-CDMA system, we have M = 1 and therefore m = 1. However, we still keep sub-
index m instead of 1 in this part for consistency. By exploiting the non-coherent detection

algorithms of two kinds of differential STBC mentioned above, we can prove the following

property:

e Property B. In MISO DS-CDMA system which applies the differential STBC based
on unitary group codes or orthogonal designs, multiplying an arbitrary real positive

scalar to the linear estimator w,,, does not affect the performance.
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. . o A . .
(Proof of Property B:) Define a linear estimator Wy, = GgmWgm, Where a,,y, is an arbitrary
real positive scalar, we can denote the estimations of 22 (7) as
"i:gn(T) = mequ(T)a
‘%gn(T) = ’J’;mqu(T) = G,qm (’U);m'qu(T)) .

As in subsection 4.3.2, we can stack them as

z)é[ﬁgn(zTH) f;’n(lTJrT)]a

Obviously, we have Z?(I) = ag,Z’(l). For differential STBC based on unitary group

codes, the non-coherent detection algorithm is

Gyll) = arg guax T (Fwe,mcnE o))

= arg_max_[logn|? (#()C,OC,0)E' )

G,(eg
_ =0 A (VAT VAT
= arg max ([ (H)C(DHC, (D) (x (I .
s e (800,060 0))
For differential Alamouti’s STBC with BPSK constellation, the non-coherent detection
algorithm is
t
P 0 i 24 (IT - 1) 24 (IT + 1)
= sign
’ @ED) | | @07+ 2)
)
. , | 2L(T—1) 23 (1T +1)
= sign< a;,.
" @)y @ (T +2))*
i
. Z3 (IT - 1) 22 (IT + 1)
= sign
(&5,3T))" @ELAT +2))

Similarly, we can show the same conclusion for the detection of ¢,(l). Furthermore, the
proof can be generalized to all differential STBC based on orthogonal designs. (End of
Proof)
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From Property B, we can omit the scalar || h,n||? since it does not affect the
performance of our detection scheme. Therefore in MISO DS-CDMA system, the linear
MMSE estimator can be a blind linear MMSE estimator, which is redefined as W, 2

R;l 8,4, and the subspace-based blind linear MMSE estimator can be redefined as

m

- A —
W gm = UsgnAgemUb gmSa- (4.3.15)

4.3.5 For MIMO DS-CDMA System

Unlike the MISO DS-CDMA system, for the non-coherent detection of user g
in MIMO DS-CDMA system, we can’t just omit ||R,||* and stack the detected signals
directly for differential decoding since that is similar to the ratio combining of z¢, for
m =1,2,---, M in a negative way. Therefore we need to blindly estimate ||hém||2 at each
receive antenna. Obviously this kind of estimation is much easier than the multiple chan-
nels identification in coherent detection since only a positive scalar needs to be estimated.
Let us first apply the wg gy defined in MISO DS-CDMA system to the received signal
Yam(7)

Z0(7) = Wl Y g (7).

Note ZZ (7) is not the estimation 2 (), but the estimation of z,} % (7) instead, where zy,
A

is defined as 2y = ||hqm||?. We stack Z%,(7) into a vector as
e A - -
)2 [ E,0T+1) - 20T +T) .

Since & [Cq(l)CZ(l)] = Iy for the two kinds of differential STBC considered in this

paper, we can estimate Zg, as

1
I Y [BL(O@EL D)
Therefore the subspace-based blind linear MMSE estimator for MIMO DS-CDMA system

can be defined as

~

Zgm

(4.3.16)

B gm = 2qmU 5qmA5 ol ks gm (4.3.17)

S,qm*©q*
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4.3.6 Simulation Examples

In this section, we present simulation examples to demonstrate the performance
of the proposed non-coherent blind MUD detection schemes for differential STBC. In our
simulations, we consider a DS-CDMA system with K = 8 users and generate the signature
waveforms as random sequences with spreading gain P = 32. The differential Almouti’s
code with BPSK constellation (Rate=1) and the differential Quaternion code [57] with
QPSK constellation (Rate=1.5) are studied as examples of the differential STBC based on
orthogonal designs and unitary group codes respectively. The Quaternion unitary group

matrix G with QPSK constellation is defined as the following set

P Y I B B A

and the initially transmitted codeword is

1
V2
1
V2

Ci(1) =

S-S

Fig. 4.5 and Fig. 4.7 present the convergence speed of the proposed non-coherent
blind MUD detection scheme at SN R = 14d B for differential Alamout’s code and differ-
ential Quaternion code respectively. It shows that the non-coherent blind MUD detection
scheme overwhelms the non-coherent matched filter scheme when a very short block is
used to do the estimation (here less than L7 = 60 symbol intervals). Also, we can see
that convergence speed is fast, within about L7 = 400 symbol intervals, the proposed
non-coherent blind MUD detection scheme almost reaches the best performance. Unlike
coherent blind detection scheme, which needs a longer block in MIMO system than in
MISO system even assuming channel state information known at receive, the proposed
non-coherent blind scheme does not need extra symbols as we increase the number of re-
ceive antennas. In Fig. 4.6 and Fig. 4.8, we show the bit error rate (BER) performance
of proposed non-coherent blind MUD detection scheme for aforementioned two example
differential STBC respectively with the frame length LT = 400 symbol intervals. It shows
that proposed scheme possesses high performance: in DS-CDMA system with N, = 1 re-

ceive antenna, which only has about 1dB performance loss relative to the single user case;
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Figure 4.5: Convergence speed of non-coherent detection of the differential Alamouti’s
STBC with Rate=1 (BPSK constellation),in K=8 users DS-CDMA system.
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Figure 4.6: Performance of Non-coherent detection of the differential Alamouti’s STBC
with Rate=1 (BPSK constellation),in K=8 users DS-CDMA system.
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Differential Quaternion Code at SNR=14dB
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Figure 4.7: Convergence speed of non-coherent detection of differential Quaternion STBC
with Rate=1.5 (QPSK constellation), in K=8 users DS-CDMA system.

in DS-CDMA system with N, = 2 receive antennas, which has about 1.7dB performance

loss relative to the single user case.
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Figure 4.8: Performance of non-coherent detection of differential Quaternion STBC with
Rate=1.5 (QPSK constellation), in K=8 users DS-CDMA system.
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Chapter 5

Conclusions

We investigated power adaption and coding/decoding schemes in MIMO Rayleigh
flat fading channels under the assumption that CSI is available at both the transmitter and
the receiver. We suggested three coding methods that provide a tradeoff between cod-
ing/decoding complexity and performance: beamforming with channel partitioning, un-
ordered multiple eigen-beamforming with channel partitioning, and ordered multiple eigen-
beamforming with truncated channel inversion. Based on our numerical results, we showed
that the capacities achieved by using the proposed multiple coding/decoding schemes can
closely approach channel capacity and that the proposed schemes achieve a good tradeoff
between coding/decoding complexity and capacity penalty. We also extended the conclu-
sion [29] for SIMO system into MIMO system and restated it in a more general claim,
i.e., the capacity penalty by using truncated channel inversion scheme diminishes as the
maximum of the number of antenna increases while the minimum of number of antennas
is fixed.

The main advantage of the proposed schemes is that they can approach channel
capacity for MIMO systems with a moderate coding/decoding complexity. Implementing
the optimum water-filling scheme would in principle require the use of an infinite number of
codes. On the other hand, beamforming with channel partitioning requires only N different
codes, matched to N different SNR values, where N need be only in the order of 2 or
3. Unordered multiple eigen-beamforming uses m coders/decoders in parallel, but these

m coders use the same selection of N codes, i.e., also here only N different codes are
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needed. Ordered multiple eigen-beamforming uses K coders/decoders in parallel, and each
coder/decoder uses a different code, so K codes are used. Notice that all channels have been
reduced to Gaussian channels, and many code design methods for the Gaussian channel can
therefore be used to design practical coding schemes based on the methods developed here.

We also evaluated the capacities and the achievable rates of different power adap-
tion schemes in correlated MIMO fading channels base on knowing the CSI at both the
transmitter and the receiver. We showed that knowing the CSI at the transmitter is more
crucial in highly correlated MIMO systems than in slightly (or uncorrelated) MIMO sys-
tems. We also showed that the capacity achieved by optimal power adaption can be ap-

proached by a simple beammforming TCI scheme in highly correlated MIMO systems.

Under the assumption that the CSI is only known at the mobile station, we applied
the group-blind detection principle to develop the subspace-based blind multiuser decoders
for space-time block codes in the downlink of a DS-CDMA system. We found out that the
decoding of orthogonal STBC can still be decoupled and we combined sphere decoding
with the subspace-based blind decoder for non-orthogonal STBC to obtain the best per-
formance. We also proposed a decimation-combining processing to reduce the complexity.
We showed that our proposed schemes can significantly outperform the traditional methods
and the decimation-combining processing reduces the complexity with slight performance
loss.

Under the assumption that the CSI is known neither at the base station nor at the
mobile station, we developed non-coherent blind decoders for the differential STBC for
the downlink of a DS-CDMA system. We presented the required structure of differential
STBC to be suitable for blind decoding. We showed that in the MISO case, the decoding
can be totally blind, however, in the MIMO case, one scalar is need to be estimated blindly
to achieve better performance. We demonstrated that our non-coherent blind decoders can

approach closely to the performance of a single user system.
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